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Setting the stage

• Cell size is coarse for the first layer and huge for the outer one 
• Large cell size imply large capacitance              issue for jitter 
• Actual cell size will be determined by timing performance 

• Event rates and radiation levels are rather modest 
• The readout architecture is mainly constrained by the data rate 
• Same technology in both layers with minimal adaptation to optimise the NRE costs 
• Most of the power will probably be burnt in the front-end
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Key players in a timing detector

• Sensor 
• Front-end amplifier 
• Discriminator 
• Time to Digital Converter 
• Clock distribution network

Timing systems: single sample

The sensor signal is usually amplified and shaped

A comparator generates a digital pulse

The threshold crossing time is captured and digitized by a TDC

TDC can be embedded on the front-end chip or external

I Timing is derived from a single sample
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Key players in defining the resolution

• Noise in the front-end amplifier 
• Landau fluctuation 
• Field distortion 
• TDC quantisation noise 
• Jitter and skew in the clock distribution network

!2
t = !2

J + !2
L + !2

D + !2
TDC + !2

CDN

 4



IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 53, NO. 3, MARCH 2018 839

A 9-bit 215 MS/s Folding-Flash Time-to-Digital
Converter Based on Redundant Remainder

Number System in 45-nm CMOS
Bo Wu , Member, IEEE, Shuang Zhu , Member, IEEE, Yuan Zhou, Member, IEEE,

and Yun Chiu, Senior Member, IEEE

Abstract— The first folding-flash time-to-digital converter
(TDC) based on the remainder number system (RNS) is reported.
In this paper, fine quantization of an input time interval is
performed directly with dual free-running ring oscillators without
additional circuitry to record the coarse bits. The RNS archi-
tecture reduces hardware complexity significantly without speed
impairment relative to the full flash counterpart employing delay
chains. As a proof-of-concept design, 490 quantization levels using
only 84 delay stages achieve a sample rate of 215 MS/s and an
LSB size of 9.4 ps. Without trimming or calibration, the mea-
sured differential nonlinearity and integral nonlinearity of the
RNS TDC prototype are +0.53/!0.57 and +1.1/!1.1 LSBs,
respectively.

Index Terms— Folding-flash, remainder number redun-
dancy (RNR), remainder number system (RNS), remainder
redundancy (RR), time-to-digital converter (TDC).

I. INTRODUCTION

T IME-TO-DIGITAL converters (TDCs) are widely used
in many applications where precision time interval mea-

surements are needed, e.g., in time-of-flight measurements. In
TDC design, it is widely known that the flash architecture
based on delay lines provides the highest conversion speed
at the cost of circuit complexity [1], [2]. Fig. 1 shows
the circuit diagram of a typical flash TDC. One problem
associated with the flash architecture is complexity, which is
exponentially dependent on the number of bits—for example,
in a conventional n-bit delay-chain TDC 2n !1 delay elements
and 2n ! 1 D-flip-flops (DFFs) are required, leading to high
power and chip area consumptions. The LSB size of a delay-
chain TDC is usually set by the propagation delay of a
unit delay element (often one or two inverters), which is
fundamentally limited by the process technology in which the
TDC is implemented. Therefore, it is difficult to achieve high
conversion linearity as it is hard to maintain good matching
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Fig. 1. Diagram of the conventional flash TDC.

Fig. 2. Diagram of the folding TDC.

among many delay cells and DFFs. The Vernier TDC can
achieve sub-inverter-delay LSB size [3]–[8]. The 2-D Vernier
TDC further reduces the number of stages to be proportional
to the square root of the conversion range [7]. However, they
are at the cost of extra conversion time and latency that
limits their utilization in higher conversion rate applications
(e.g., >200 MS/s). The drawbacks of the flash architecture
motivate the development of the pipelined TDCs [9], [10].
Although with pipeline, a small LSB size and hence a high
resolution can be achieved; the necessity of time residue
amplification dictates a higher architectural complexity, thus
limiting the conversion throughput and efficiency.

To reduce the number of delay elements of the flash
architecture, ring oscillator (RO) plus counter [11] have been
exploited as a folded delay chain for time quantization, which
is similar to the folding operation in a folding analog-to-
digital converter [12], but providing more linear character-
istics. As shown in Fig. 2, delay cells are connected in a
loop with an input multiplexer. This loop forms the fine
quantizer, while a counter is employed as the coarse quantizer.
The total conversion range is the summation of the fine and
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TABLE III

PERFORMANCE SUMMARY AND COMPARISON

figure of merit of the prototype measured at various supply
voltages. The measurement results are summarized in Table III
and compared to several recent state-of-the-art TDC works
operating at a similar speed.

VI. CONCLUSION

The concept, architecture, and experimental results of a
9-bit, 215 MS/s folding-flash RR-RNS TDC are reported.
To the best knowledge of the authors, this paper constitutes
the first TDC work based on RNS in monolithic forms. RR
proves to be essential in realizing an alias-free converter in
practice. The principle of RNS conversion is not limited to
the time quantization, and has been successfully applied to
voltage- and charge-domain data converters recently [16].

APPENDIX

CRT RR-RNS DECODING ALGORITHM

The RR-RNS algorithm proposed in [26] is briefly reviewed
as follows. If the first modulus is chosen as the reference, we
subtract the first equation from the remaining L ! 1 equations
in (7) and obtain

!
""""#

""""$

M(q1!1 ! q2!2) = r̂2,1

M(q1!1 ! q3!3) = r̂3,1
...

M(q1!1 ! qL!L) = r̂L ,1

(17)

where r̂i,1 = r̂i ! r̂1 for 2 " i " L . The following four steps
can uniquely solve for Y .

1) Calculate ŝi,1 = [(r̂i,1/M)] from the obtained erroneous
remainders for 2 " i " L. The [·] represents the
rounding operation.

2) Calculate the remainder

"̂i,1 = ŝi,1!̄i,1 mod !i , for 2 " i " L, (18)

where !̄i,1 is the modular multiplicative inverse of !1
modulo !i (!̄i,1!1 mod !i = 1).

3) Substitute the remainder "̂i,1 and estimate q1 by q̂1

q̂1 =
L%

i=2

"̂i,1bi,1
!

!1!i
mod

!

!1
, (19)

where bi,1 is the modular multiplicative inverse
of (!/!1!i ) modulo !i .

4) Finally, obtain Y using

Y = q̂1!1 M + r̂1. (20)

Take the example in Section III-A, the redundant modulus
set and the remainder set are {M!1 = 50, M!2 = 70} and
{r1 = 16, r2 = 16}, respectively. For an input X = 16,
if remainder errors are introduced, i.e., #r1 = 1 and
#r2 = !1, we have {r̂1 = 17, r̂2 = 15}. For the dual-moduli
system, if the modulus 50 is chosen as the primary (i.e., to
recover q1 instead of q2), according to (17), we have

10 # (5q1 ! 7q2) = !2. (21)

The first step shows that ŝ2,1 = [!2/10] = 0, and !̄2,1 = 3
according to !̄2,1 # 5 mod 7=1. Substitute these variables
into (18), we have "̂2,1 = 0 # 3 mod 7 = 0 and q̂1 = 0.
In this case, the final output Y is 17; alternatively, Y is 15 if
the modulus 70 is chosen instead.
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Key players: TDCs and CDNs
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Abstract 

We propose a new approach to an on-chip clock distribution 
scheme. It is based on distributed multi-GHz LC-tank 
oscillators generating local clocks. The oscillators are mutually 
coupled to align their frequencies and are further 
subharmonically injection-locked to a much lower frequency 
reference to align their phases. The final phase calibration is 
via adjusting their self-resonant frequencies. We demonstrate 
the scheme with two 4GHz digitally controlled oscillators 
(DCO) separated by 650um on a 16nm CMOS die, mutually 
coupled via a differential transmission line and 
injection-locked to a 125MHz reference. The proposed 
architecture achieves a sub-ps calibrated skew with 87fs rms 
jitter while consuming 4.3mW, resulting in -258dB clock 
FOM (jitter2!power). 

Introduction 
With the ever-increasing demand for data transmission 

bandwidth, a high-frequency clock distribution network plays 
a key role. Conventional buffered H-tree networks consume 
large power and are sensitive to process, voltage and 
temperature (PVT) variations deteriorating the clock skew. 
These shortcomings have stimulated research in, e.g., resonant 
clocking and de-skew approach [1]. However, jitter 
performance is limited there by the clock source using a 
phase-locked loop (PLL). This paper proposes a clock 
distribution method using sub-harmonically injection-locked 
coupled oscillators (SHILCO) to improve energy efficiency, 
jitter performance and clock skew. 

Low-Power, Low-Skew and Low-Jitter SHILCO 
Fig.1 shows a block diagram of the proposed SHILCO. 

The clk1/clk2 clocks are generated locally by two 4GHz 
DCOs and are then edge divided through programmable 
dividers (ratio:2-1024) and distributed through local clock 
trees. The DCOs are separated by 650um and mutually 
coupled by the differential line (TL) configured as 
GND-signal-signal-GND (GSSG). Amplitude, and thus 
power, of the 4GHz sinusoidal signal carried by the TL can 
be minimized if natural resonant frequencies of the DCOs are 
aligned via the switched-capacitor array (SCA) code tuning 
of their LC tanks [6]. The two mutually coupled DCOs are 
further individually injection-locked to the same reference 
clock (REF) of frequency f0 that is 32x lower. This 
subharmonic injection-locked (SHIL) technique [2] improves 
jitter and ensures phase synchronization. This way, the 
conventional distribution of high-speed multi-GHz clocks is 
avoided, thus substantially reducing power consumption. 

For a conventional clock tree, the clock skew is difficult 
to manage, and delay lines are commonly used to perform 
de-skew [1]. The delay lines consume extra power and the 
de-skew resolution is limited by the intrinsic inverter delay. 
The proposed skew calibration method provides a solution 
without such delay lines.  The clock skew between clk1 and 
clk2 is measured by a skew detector, which is implemented by 
a sigma-delta modulated time-to-digital converter 

(SDM-TDC) [3]. From the theory of injection pulling [4], the 
clock skew can be adjusted by altering the self-resonance 
frequency of DCO2 through the SCA code without disturbing 
the injection locking. 

An accuracy of the clock skew calibration is limited by a 
DCO tuning resolution of the SCA. To achieve clock skew 
better than 1ps, small capacitance in the atto-Farad range 
would be needed, which appears very difficult to implement 
and to match.   

Fig.2 shows a schematic of the proposed 
auto-transformer-based DCO. The inductor is split into three 
parts and two SCAs are used in the middle and at the end 
terminals. The CPVT SCA is used for coarse tuning, which 
compensates for the frequency variations due to PVT. The CSC 
SCA is used for fine tuning, which compensates for the clock 
skew. Assuming n<1, the transformer is modelled by three 
inductors and the equivalent inductance can be approximated 
as 

C
CLnLL SC

eq ""+= 2 , where, L is total inductor and C is total 

capacitance of CPVT SCA. The oscillation frequency is given 
as: 

)1(

11

2

C
CnLCCL SCeq

eq

"+
=

"
=#     

The CSC is shrunk n2 times. For example, assuming n=1/4 
in this design, the capacitor shrinking factor is 16 and so the 
frequency resolution is improved 16x. From the layout in Fig.2, 
the auto-transformer is implemented by two symmetric metal 
wires and the CPVT and CSC SCA are easily arranged without 
additional area, unlike in [5]. The conventional SHIL usually 
adopts a common-mode injector [2], which generates two 
eigen-value solutions for the output phase. The peak of 
injection pulse may align the oscillator output clock phases at 
0o or 180o as shown in Fig.2. This is unacceptable here since 
the injection signal is used to synchronize the distributed clock. 
To solve this, the proposed differential injectors provide the 
unique initial condition of clock phase.  Furthermore, the 
differential injection increases the injection power and 
suppresses even-order harmonics. The locking range is 
improved 6x, thus helping to overcome the PVT variations. 

A pulse generator must generate very narrow pulses for 
SHIL. In [2], the narrow pulse is created through delay cells. 
Unfortunately, degrading REF clock edges to delay the pulse 
not only adds significant noise but also makes it more sensitive 
to aggressors.  Fig.3 shows a proposed noise-free pulse 
generator in which the crystal oscillator (XO) slicer combines 
the programmable edge delay. The voltage offset $V, by 
adding extra offset-inducing transistors Mn4~0, gets converted 
to time offset $T through delaying the threshold detection of 
the sinusoidal waveform. This mechanism does not add any 
extra noise. The pulse width is controlled from 15 to 195ps 
with a 5-bit code.  

 

&����
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Measurement Results 
The proposed SHILCO approach is verified on a 16nm 

FinFET CMOS die (Fig.7). Two distributed 4MHz~4GHz 
clocks are locally generated by two DCOs located 650um apart 
and each occupying 0.0175mm2. The SDM-TDC occupies 
0.0054mm2. Fig.4 shows measured jitter and phase noise. The 
integrated rms jitter is 87fs over 1kHz~62.5MHz offsets. The 
phase noise is improved 6.8 dB at 100kHz frequency offset 
thanks to the noise-free pulse generator. Fig.5 shows the 
measured phase shift with different DCO codes and the phase 
shift correlated to the SDM-TDC code. These curves are 
monotonic with slopes of 0.8ps/code and 12.3 codes/ps, 
respectively. The measured SDM-TDC timing resolution is 
0.08ps/code. The clock skew is less than 0.8ps after the skew 
calibration. The measured SCA resolution of fine frequency 
tuning is 100kHz at 4GHz. It is 16x finer than the coarse tuning 
resolution. Fig.6 shows clock skew measurements. The two 
SMA coaxial cables are calibrated to ensure that the phase 
delay is less than 1ps. The raw measured skew is 14.8ps when 
the two SHILCOs are locked to the REF clock, and the skew is 
improved to 0.67ps via the calibration. Fig.8 shows the FOM 
comparison with the published works. 

Table-I summarizes the complete SHILCO circuit 
performance. The total power consumption is 4.3mW, which 
includes 2mW for each DCO and 0.3mW for SDM-TDC. The 
integrated rms jitter is 87fs and the calculated FOM 
(jitter2!power) is -258dB. 
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Fig.1 Block diagram of SHILCO with clock skew calibration 

 
Fig.2. Schematic of DCO with differential injectors. 
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Fig.3. Schematic of pulse generator with noise-free method of delay. 

 
Fig.4:  Measured SHILCO phase noise and integrated rms jitter. 
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Fig.5: Measured phase shift with different DCO codes and the phase 

shift correlated to SDM-TDC codes. 

�
Fig.6: Measured SHILCO skew before and after calibration.�

 
Fig.7: SHILCO die micrograph. 
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     Fig.8: FOM comparison.      Table-I. Performance summary. 
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Front-end error sources
Timing systems: single sample

The sensor signal is usually amplified and shaped

A comparator generates a digital pulse

The threshold crossing time is captured and digitized by a TDC

TDC can be embedded on the front-end chip or external

I Timing is derived from a single sample
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Timing jitter Time walk

Cd = 1 pF, Qin = 1 fC, td = 1 ns  
σt = 10 ps          gm = 3.3 mS, P > 4 mW

• Q/C very important for good timing!
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An equation that is often used to evaluate jitter due to electronics noise is the following:





where


Cd in the detector capacitance, 

Qin is the signal charge, 

td is the charge collection time in the sensor, 

k is the Boltzmann constant, 

T is the absolute temperature 

gm is the transconductance of the input device. 


Assuming  a CMOS input device operating in weak inversion, the transconductance can be 
estimated dividing the bias current by 0.04.


The equation can be inverted to calculate the transconductance needed to achieve a given jitter 
once the sensor characteristics are fixed. This yields:





Let’s suppose that we have LGAD with 4.4 mm x 4.4 mm side, 25 um thickness and a gain of 20. 
This results in a capacitance of 80 pF.  If we suppose a total charge collection time of 0.7 ns and 
we target a jitter due to the electronics noise only of 10 ps (half of the total timing error budget), 
we get a transconductance of 9 S, which is unrealistically high. If the LGAD gain is 100, than the 
required transconductance becomes 0.36 S, which can be achieved with a current of about 14 
mA. The front-end input  stage would dissipate 17 mW (assuming 1.2 V power supply).  


If we assume a standard gain of 20, a pixel size of 2 mm x 2 mm (25 channels per cm2) for a 10 
ps jitter target we get 17 mA or 20 mW/channel in the front-end, for a power consumption of 0.5 
W/cm2.


If reduce the size of the LGAD to 0.5 mm x 0.5 mm, we have a capacitance of 1 pF. With a gain of 
20, we get a gm of 1.4 mS, which can be achieved with a current of 70 uA or a power of about 
100 microWatt. We have  in this case 400 channels per cm2, with a power in the input stage of 40 
mW/cm2.


Note that the above considerations on power do not consider the power dissipated by the TDC 
and the readout logic. However, this power will be defined by the requirements on event rates, 
which are quite modest for the ToF. After the amplifier/discriminator stage, the channels can be 
grouped.


In case we use large pads, we can have a fanout to the electronics and use small chips front-end 
chips. However, the use of large LGADs seems feasible only if the sensors have a very large gain.


Therefore, we can assume a solution based on segmented LGAD with an area of 0.5 mm x 0.5 
mm and a front-end bump bonded to the sensor. A reasonable approach is to have a large chip 
(e.g. reticle size) on an inexpensive technology, so that the prototyping can be done at an effective 
cost. The chip is produced on 12 inch wafers. The sensor is fabricated as large as the chip. We 
assume in the following a typical reticle size of 3 cm x 2 cm. Despite the large size, the electronics 
density inside the chip will be low. So we can expect that the yield of the chip will be fairly good 
(e.g. 70%). A yield of 50% is prudentially assumed in the calculations. A 12 inch wafer can thus 
produced 55 reticle-size good chips, instrumenting an area of 330 cm2. Assuming a 130 nm 
technology and a cost per wafer of 1500 euros, the electronics production costs will be 50 

!t = Cd

Qin

2kT td
gm

gm = 2kT td

( Qin
Cd

!t)
2

An equation that is often used to evaluate jitter due to electronics noise is the following:
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once the sensor characteristics are fixed. This yields:
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and the readout logic. However, this power will be defined by the requirements on event rates, 
which are quite modest for the ToF. After the amplifier/discriminator stage, the channels can be 
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In case we use large pads, we can have a fanout to the electronics and use small chips front-end 
chips. However, the use of large LGADs seems feasible only if the sensors have a very large gain.


Therefore, we can assume a solution based on segmented LGAD with an area of 0.5 mm x 0.5 
mm and a front-end bump bonded to the sensor. A reasonable approach is to have a large chip 
(e.g. reticle size) on an inexpensive technology, so that the prototyping can be done at an effective 
cost. The chip is produced on 12 inch wafers. The sensor is fabricated as large as the chip. We 
assume in the following a typical reticle size of 3 cm x 2 cm. Despite the large size, the electronics 
density inside the chip will be low. So we can expect that the yield of the chip will be fairly good 
(e.g. 70%). A yield of 50% is prudentially assumed in the calculations. A 12 inch wafer can thus 
produced 55 reticle-size good chips, instrumenting an area of 330 cm2. Assuming a 130 nm 
technology and a cost per wafer of 1500 euros, the electronics production costs will be 50 

!t = Cd
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gm = 2kT td

( Qin
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!t)
2

Cd = 100 fF, Qin = 1 fC, td = 1 ns  
σt = 10 ps          gm= 800 µS, P > 40 µW
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Signal shape and leading edge timing
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Signal shape and constant fraction 
timing

CFD: the principle

The input signal is both delayed and attenuated

The delayed and attenuated signals are combined to yield a bipolar
waveform

The zero crossing of the bipolar waveform is used for timing
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CFD: in practice

Take now simple CR � RC shaping and an ideal delay line:

t � td

⌧
e

� t�td
⌧ � f

t

td
e

� t
⌧d = 0 ! tzc =

tde
td
⌧

e
td
⌧ � f

Jitter optimization: ⌧ = tcoll! sensitivity to pulse shape fluctuations!

Can be reduced by reducing td , f , or both...

CFDs rely of fully linear signal processing

Not trivial to implement in modern CMOS technologies due to the
reduced voltage headroom, but it can be done.
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CFD: the algorithm

Assume a step input signal:

V (t) =

8
>>>><

>>>>:

0 for t < 0

t
tr
V0 for 0 < t < tr

V0 for t > tr

td > tr , amplitude compensation

fV0 = t�td
tr

V0 tzc = ftr + td

td < tr , ARC compensation

f t
tr
V0 = t�td

tr
V0 tzc = td

1�f

A. Rivetti FEDSS 2018-Weihai August 22th, 2018 63 / 117

Ze
ro

 c
ro

ss
in

g 
tim

e 
(n

s)

17,4

17,55

17,7

17,85

18

Input charge (fC)

1 2 3 4 5 6 7 8 9 10

Ze
ro

 c
ro

ss
in

g 
tim

e 
(n

s)

14,3

14,45

14,6

14,75

14,9

Input charge (fC)

1 2 3 4 5 6 7 8 9 10

 8



Can we exploit the signal rise time?
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Fig. 9. Top-level schematic of the RX.

Fig. 10. TIA schematic. (a) Proposed. (b) Replica.

all the equations from any given set of parameters without
simplifying the TIA model, which covers a larger design space.

DFE can be implemented either as direct feedback or as
speculative DFE. On the one hand, direct feedback DFE
enables many taps to be equalized with relatively low com-
plexity. But the feedback loop delay still needs to be less
than 1 UI. On the other hand, with speculative DFE, complex-
ity grows exponentially with the number of taps, yet the timing
restriction can be relaxed using certain techniques as will be
explained in Section III. Since more than 1-tap DFE gives only
marginal advantage in terms of SNR while increasing circuit
complexity and power consumption significantly, we decided
to use a 1-tap speculative DFE.

III. ARCHITECTURE AND CIRCUITS

The block diagram of the RX architecture is shown in Fig. 9.
At the input of the RX, the average photo-current is can-
celled via a 12-bit current DAC, whose control bits are
set off-chip. During measurements, the input of the current
DAC is swept to find the value that minimizes the offset
at the output of the AFE. The ac portion of the signal is
converted into a voltage signal by the TIA and amplified
by a VGA afterward. The amplified signal is sampled by
four-way time-interleaved slicers to generate 1-tap speculative

decisions together with edge information for baud-rate CDR
(CDR loop is not included in this design and will be added in
the future versions). The total number of slicers driven by the
AFE is 12. After that, the speculative decisions are aligned
to a single quarter-rate clock and are resolved by the look-
ahead DFE logic. After being demultiplexed from quarter-rate
to 1/32 rate, 32 final decisions are fed to an on-chip pseudo
random bit sequence (PRBS) checker, which is synchronized
to the C32 clock (2 GHz) to calculate BER. The quarter-rate
clock phases !0,90,180,270 are generated through a broadband
IQ generator, which is driven by a quarter-rate clock generated
off-chip.

A. TIA

The schematic of the proposed SFR TIA is given
in Fig. 10(a). The feedback path is composed of a 1.1-k"
resistor and NMOS transistors in parallel to adjust the equiv-
alent resistance down to 250 ". Since the signal swing is
small, the transistors stay in linear region behaving as linear
resistances. This approach reduces the parasitic capacitance
as compared with a solution, which consists of an array
of passive resistors with switches. This is because typically
passive resistors have larger parasitics than transistors. More-
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Fig. 14. Self-referenced TIA schematic for PSRR analysis.

to either VDD or GND, as shown in Fig. 14. It is easy to
deduce that the currents ii and io become zero if the following
condition is met:

Ci1

Ci2
=

gm p

gmn
= Co1

Co2
. (18)

In that case, the current through the feedback resistor becomes
zero, resulting in perfect cancellation of power supply ripple.
In our implementation, the TIA drives a VGA whose input
stage consists of a CMOS inverter with equal-sized PMOS
and NMOS transistors. Thus, the TIA output capacitance is
divided equally between VDD and GND (Co1 = Co2). Also
the PMOS and NMOS transistors that compose the CMOS
inverter of the TIA are sized equally, which matches the two
transconductances in this technology (gm p = gmn). Dividing
the input capacitance equally between VDD and GND is more
challenging. It consists of three parasitic capacitances. The first
one is the Cgs of the transistors, which is already split equally
between GND and VDD due to sizing of the transistors.
The second parasitic capacitance at the input node is the pad
capacitance. In general, this capacitance couples the pad to
substrate (connected to GND), creating an imbalance between
Ci1 and Ci2. One solution to circumvent this problem is to
add a power grid below the pad in the lowest metal layer to
couple the pad equally to VDD and GND. In the used 13-level
metal stack, this corresponds to a pad capacitance increase of
approximately 5%, which has no impact on sensitivity. The
last portion of the input capacitance comes from the PD. This
capacitance is coupled to the supply voltage of the PD outside
the chip and cannot be balanced as required for perfect PSRR.
However, it is decoupled from the TIA input by both the bond
wire and peaking inductances at high frequencies. On the other
hand, in a replica TIA design, the PD capacitance and the bond
wire inductance also creates an imbalance unless a dummy
PD is placed in the packaging, which may not be desirable in
practical applications, since it would increase both the cost of
packaging and the pitch width of the multi-channel design. The
PSRR simulations results of self-referenced TIA and replica
TIA are compared in Fig. 15. The worst PSRR performances
of all process corners for both cases were also provided in
the plot. As expected, the worst case was slow-NMOS-fast-
PMOS corner (fast-NMOS-slow-PMOS performs only slightly
better), since it is the corner that degenerates the gm p/gmn
ratio the most.

To summarize, the proposed self-referenced TIA provides
larger swing, lower noise, and similar PSRR as compared with

Fig. 15. PSRR comparison of self-referenced TIA and replica TIA.

a replica TIA while consuming half the power and layout area.
Moreover, the TIA has zero offset by design.

B. VGA

The high losses in the optical path may result in very small
current signals on the PD. As an example, a !12-dBm OMA
signal on a 0.5-A/W responsivity PD corresponds to a 32-µApp
photo-current. This signal is converted into a voltage signal
with a dc gain of around 700 !, resulting in 22.4 mV at
the output of the TIA. ISI further reduces the signal down
to 10–15 mV. Moreover, as explained in Section II-A,
the capacitive load at the output node of the TIA must be
low, which means the slicers, creating approximately 100-fF
load, cannot be driven by TIA directly.

In order to amplify the signal and drive the slicers, a VGA
was designed and placed after TIA. The schematic of the
VGA is given in Fig. 16. It consists of two transadmittance
transimpedance (TAS-TIS) stages. This structure is also known
as the Cherry–Hooper amplifier in literature [15]. The first
TAS-TIS stage is a CMOS-based design to match the common-
mode output of the TIA, which is around VDD/2. It must be
noted that the voltage gain on the TAS is very small (around 1)
due to the low input impedance of the TIS stage. This reduces
the Miller effect on the Cgd of the input transistors, minimizing
the total input capacitance. The dc gain of the first stage is
gm1 R f 1 and can be controlled by changing R f 1.

The output common mode of the first stage is adjusted to
match the input common-mode requirements of the second
stage by injecting current into the input of the TIS stage
creating a voltage drop on the feedback resistors R f 1. The
output signal of the first VGA stage is still pseudo differential.
That is, the TIA outputs V outn and V outp are amplified
separately (by the same gain), resulting in a larger swing
in Yp . As a result, the formal definition of the output common
mode (Yp + Yn)/2 is not a constant signal. Instead, the output
common mode is sensed from the low swing output node via
a low-pass filter, as shown in Fig. 16.

The second TAS-TIS is current mode logic (CML)-based
and converts the pseudo differential signal at its input into a
fully differential signal at its output. The input is connected
to two differential pairs. The inner pair is sized at a quarter of
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Abstract— A 64-Gb/s high-sensitivity non-return to zero
receiver (RX) data-path is demonstrated in the 14-nm-bulk
FinFET CMOS technology. To achieve high sensitivity, the RX
incorporates a transimpedance amplifier whose gain and band-
width are co-optimized with a 1-tap decision feedback equal-
ization (DFE). The DFE, which operates at quarter-rate, fea-
tures a look-ahead speculation to relax DFE timing to 4 unit-
interval. The analog front end includes a transadmittance tran-
simpedance inductorless variable gain amplifier, resulting in
a low power and compact front end. The RX, wirebonded
to a discrete GaAs photodiode, achieves an energy efficiency
of 1.4 pJ/bit and !5-dBm optical modulation amplitude while
recovering PRBS-7 data (bit-error-rate < 10!12) modulated by
a VCSEL driver with a 2-tap feed forward equalization (FFE)
(main + precursor) over 7 m of graded-index 50/125-µm mul-
timode fiber. The measured sensitivities at 56 and 32 Gb/s are
!9- and !13-dBm optical modulation amplitude, respectively.

Index Terms— Decision feedback equalization (DFE), I/O link,
non-return to zero (NRZ), optical receiver, receiver (RX), self-
timed comparator, sensitivity, shunt feedback, transimpedance
amplifier (TIA), variable gain amplifier (VGA).

I. INTRODUCTION

W ITH the ever-increasing growth of cloud com-
puting and big data applications, serial data-rates

beyond 50 Gb/s/lane will eventually be required in wire-
line communications both inside and between racks in data-
centers [1], [2]. The industry currently has developed standards
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that cover 56-Gb/s (OIF-CEI-56G) electrical interfaces to
meet those demands. However, copper interconnects experi-
ence frequency-dependent losses, which require complex and
power hungry equalization techniques. For instance, a 30-dB
additional channel loss decreases the energy efficiency of the
overall transceiver by roughly ten times [3]. On the contrary,
optical interconnects have negligible frequency-dependent loss
and can transport data over long distances with little or no
equalization. As a consequence, optical links are potential
candidates to replace copper interconnects for distances as
short as 1 m in the near future [4]. To become a viable
alternative to well-established electrical links, optical solutions
must have competitive power and area efficiency metrics.

Commercially available optical engines are typically located
on the board-edge, which still requires an electrical link (such
as CEI-56G-VSR) to reach the host chip (either a CPU,
a switch ASIC, or an FPGA). Integrating the optical trans-
ceiver in the first-level host chip package will improve
I/O power efficiency and provide higher bandwidth density.
Processor modules with integrated optics have been proposed
since 2005 for high-performance computing [5] but have not
been considered for data-centers due to high cost. However,
at 56 Gb/s and beyond, replacing electrical cables with optics
is expected to have similar or lower cost per Gb/s.

Implementing such a system is not without challenges. First,
the optical RX circuits need to achieve high sensitivity to
accommodate the optical loss in the signal path. Furthermore,
low-power operation is a key requirement to meet the thermal
design power constraints of the package. For server chips, this
is in the order of 150–200 W. To address these requirements,
this paper describes a low-power optical RX, measured up to
64 Gb/s with high sensitivity [!5-dBm optical modulation
amplitude (OMA) at 64 Gb/s] in 14-nm CMOS FinFET.
High sensitivity is achieved thanks to a low bandwidth analog
front end (AFE) co-optimized with a 1-tap decision feedback
equalization (DFE). DFE timing is met thanks to a look-ahead
speculative implementation running at quarter-rate (16 GHz).
While many state-of-the-art links rely on SiGe circuits [6],
this paper proposes a CMOS implementation, since it pro-
vides the capability to add digital logic (such as fully digital
retiming circuits) and enables integration in a large CMOS die.

0018-9200 © 2017 IEEE. Personal use is permitted, but republication/redistribution requires IEEE permission.
See http://www.ieee.org/publications_standards/publications/rights/index.html for more information.

OZKAYA et al.: 64-Gb/s 1.4-pJ/b NRZ OPTICAL RX DATA-PATH IN 14-nm CMOS FinFET 3467

Fig. 18. Comparator schematic.

Fig. 19. Clock path. (a) Block diagram. (b) Quadrature corrector stage.

Fig. 20. RX micrograph and layout.

and the look-ahead DFE [1], [18] resolves the speculation.
Then, look-ahead signals L H (n) and L L(n) are calculated
from the speculative decisions DH (n) and DL(n). Finally,
D(3) resolves the speculation. The dependence of each bit to
the previous bit is broken in the new speculative array, which
results in a relaxed timing constraint of

tc2q + tmux + tsetup < 4UI. (20)

All the digital logic up to L H (n) and L L(n) is feed-forward
and can be pipelined to meet the timing. In our application,

Fig. 21. Measurement setup.

a two-stage pipeline was required to close timing. The clock
is also feed-forwarded to enable a deeper logic between the
two flip-flops. In RC extracted simulations, the look-ahead
DFE logic was functional up to 85 Gb/s at 800-mV supply.
Therefore, DFE is not limiting the data-rate of the optical RX.

The schematic of the comparator is given in Fig. 18. The
first stage consists of two differential pairs whose sources
are connected directly to VDD. The clock transistors are
connected as cascode as in a Lewis–Grey comparator [19].
Compared with a conventional dynamic comparator, where
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Front-end with 25 ps peaking time!?
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that cover 56-Gb/s (OIF-CEI-56G) electrical interfaces to
meet those demands. However, copper interconnects experi-
ence frequency-dependent losses, which require complex and
power hungry equalization techniques. For instance, a 30-dB
additional channel loss decreases the energy efficiency of the
overall transceiver by roughly ten times [3]. On the contrary,
optical interconnects have negligible frequency-dependent loss
and can transport data over long distances with little or no
equalization. As a consequence, optical links are potential
candidates to replace copper interconnects for distances as
short as 1 m in the near future [4]. To become a viable
alternative to well-established electrical links, optical solutions
must have competitive power and area efficiency metrics.

Commercially available optical engines are typically located
on the board-edge, which still requires an electrical link (such
as CEI-56G-VSR) to reach the host chip (either a CPU,
a switch ASIC, or an FPGA). Integrating the optical trans-
ceiver in the first-level host chip package will improve
I/O power efficiency and provide higher bandwidth density.
Processor modules with integrated optics have been proposed
since 2005 for high-performance computing [5] but have not
been considered for data-centers due to high cost. However,
at 56 Gb/s and beyond, replacing electrical cables with optics
is expected to have similar or lower cost per Gb/s.

Implementing such a system is not without challenges. First,
the optical RX circuits need to achieve high sensitivity to
accommodate the optical loss in the signal path. Furthermore,
low-power operation is a key requirement to meet the thermal
design power constraints of the package. For server chips, this
is in the order of 150–200 W. To address these requirements,
this paper describes a low-power optical RX, measured up to
64 Gb/s with high sensitivity [!5-dBm optical modulation
amplitude (OMA) at 64 Gb/s] in 14-nm CMOS FinFET.
High sensitivity is achieved thanks to a low bandwidth analog
front end (AFE) co-optimized with a 1-tap decision feedback
equalization (DFE). DFE timing is met thanks to a look-ahead
speculative implementation running at quarter-rate (16 GHz).
While many state-of-the-art links rely on SiGe circuits [6],
this paper proposes a CMOS implementation, since it pro-
vides the capability to add digital logic (such as fully digital
retiming circuits) and enables integration in a large CMOS die.

0018-9200 © 2017 IEEE. Personal use is permitted, but republication/redistribution requires IEEE permission.
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Fig. 11. Bandwidth extension with series inductance. (a) Frequency response. (b) Pulse response.

Fig. 12. Self-referenced TIA transient pulse response.

over, the switches need to be large enough to minimize the
ON-resistance, further increasing the area and capacitive load.

A series inductance is added to extend the bandwidth of
the TIA. TIA transimpedance as a function of the series
peaking inductance value is shown in Fig. 11(a) together
with the pulse response in Fig. 11(b). A 400-pH inductance
provides a maximally flat response, which corresponds to
minimum group delay.

In this design, the input node of the TIA is used as the
negative output (V outn) to serve as a differential signal to
the output node of the TIA (V outp), rather than placing a
replica TIA to generate a reference voltage [14], as shown
in Fig. 10(b). As a result, the transimpedance gain becomes
Rfb instead of Rfb[Aeq/(Aeq + 1)], where Aeq is equal to
gm(Rfb ! Rout). This improvement is shown in Fig. 12. Both
single-ended outputs and the differential voltage (Voutp"Voutn)
are given in Fig. 12. Note that (Voutp " Voutn) is shifted to
the right in order to match the sampling points for better
comparison of the two cases. The main cursor [VTap(0)] of
Voutp " Voutn is larger than the main cursor of the single-
ended output (Voutp), whereas VTap("1) and VTap(2) are the
same. Since VTap(1) will be equalized by DFE, the increase
in this ISI term does not degrade signal integrity.

Another advantage of using the self-referenced TIA is that
it generates less noise compared with the replica design.

Fig. 13. Self-referenced TIA NSD.

In Fig. 13, three noise spectral densities (NSDs) are given.
The red solid line is the NSD of the TIA with a replica with
no filtering capacitor (CFLT) at its output. Adding a 600 fF of
CFLT shapes the NSD as indicated by the blue dotted curve.
The green dashed curve is the NSD of the proposed self-
referenced TIA. There are two main reasons for the reduction
in noise. First one is that there is no replica to generate
noise. Note that the replica generates as much noise as the
TIA itself increasing the integrated noise by a factor of

#
2.

High-frequency noise of the replica TIA can be filtered out
by using a large capacitance at the output node. However, this
would prevent the replica TIA from tracking the main TIA
behavior for high-frequency supply disturbances compromis-
ing power supply rejection ratio (PSRR). The second reason
for noise reduction is that in self-referenced TIA, the low-
frequency noise components of the transistors are converted
into common-mode noise. This explains why no flicker noise
is observed in the NSD of the self-referenced TIA illustrated
in Fig. 13.

To investigate the PSRR of the self-reference TIA, it is
critical to separate the input and output capacitances connected
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Fig. 12. Self-referenced TIA transient pulse response.
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In this design, the input node of the TIA is used as the
negative output (V outn) to serve as a differential signal to
the output node of the TIA (V outp), rather than placing a
replica TIA to generate a reference voltage [14], as shown
in Fig. 10(b). As a result, the transimpedance gain becomes
Rfb instead of Rfb[Aeq/(Aeq + 1)], where Aeq is equal to
gm(Rfb ! Rout). This improvement is shown in Fig. 12. Both
single-ended outputs and the differential voltage (Voutp"Voutn)
are given in Fig. 12. Note that (Voutp " Voutn) is shifted to
the right in order to match the sampling points for better
comparison of the two cases. The main cursor [VTap(0)] of
Voutp " Voutn is larger than the main cursor of the single-
ended output (Voutp), whereas VTap("1) and VTap(2) are the
same. Since VTap(1) will be equalized by DFE, the increase
in this ISI term does not degrade signal integrity.

Another advantage of using the self-referenced TIA is that
it generates less noise compared with the replica design.

Fig. 13. Self-referenced TIA NSD.

In Fig. 13, three noise spectral densities (NSDs) are given.
The red solid line is the NSD of the TIA with a replica with
no filtering capacitor (CFLT) at its output. Adding a 600 fF of
CFLT shapes the NSD as indicated by the blue dotted curve.
The green dashed curve is the NSD of the proposed self-
referenced TIA. There are two main reasons for the reduction
in noise. First one is that there is no replica to generate
noise. Note that the replica generates as much noise as the
TIA itself increasing the integrated noise by a factor of

#
2.

High-frequency noise of the replica TIA can be filtered out
by using a large capacitance at the output node. However, this
would prevent the replica TIA from tracking the main TIA
behavior for high-frequency supply disturbances compromis-
ing power supply rejection ratio (PSRR). The second reason
for noise reduction is that in self-referenced TIA, the low-
frequency noise components of the transistors are converted
into common-mode noise. This explains why no flicker noise
is observed in the NSD of the self-referenced TIA illustrated
in Fig. 13.

To investigate the PSRR of the self-reference TIA, it is
critical to separate the input and output capacitances connected

Power O(10 mW) for 100 fF input capacitance 
Power density: 25 W/cm2 

Sensor performance are very important!
 10



First thoughts
• Design of critical IPs with TOF-grade performance is matter of good (excellent!) 

engineering. 

• Read-out architecture (almost) invariant 

• Moderate data rate allows sharing of resources  

• Key challenges at the sensor and sensor to front-end interface 

• To make realistic assessments and appropriate choices, careful sensor 
simulations are needed108 ALICE Collaboration

Figure 61: Macro-pixel schematic diagram (a) and sample layout (b).

be employed to improve the overall resolution by
p

2. Although not favored, this option could2606

still be competitive with LGADs in term of costs.2607

5.3.3.3 MAPS R&D plans An improved timing resolution requires both a very uniform2608

and fast charge collection, and fast readout electronics with a very high Signal-to-Noise Ratio2609

(SNR) [199]. While the first requirement can be fulfilled only by minimizing the collection2610

time of the charge carriers generated at the pixel edges, the improved SNR also requires the2611

optimization of the sensor capacitance. The timing performance of a fully depleted MAPS2612

will result from the optimization of the sensor thickness and collection electrode area. Thicker2613

sensors produce larger signals, thus allowing for better SNR, but the time resolution is worse2614

due to longer charge collection times. Larger sensors have more uniform electric field, but their2615

higher capacitance increases the contribution of the electronics noise.2616

A detailed simulation work is already ongoing to optimize the sensor design. The detectors2617

proposed for this R&D will leverage the previous experience gained in particular with the SEED2618

and ARCADIA projects. The design of the sensors will be modified to meet the very strict timing2619

requirements of the TOF layers. The geometry of the in-pixel sensors will be optimized with2620

the help of TCAD simulations, with the goal of obtaining a uniform and fast charge collection2621

and minimizing the sensor capacitance. Monte Carlo simulations performed on 50 µm ⇥ 502622

µm pixels in ARCADIA technology indicate that, for an active thickness of 25 µm, an intrinsic2623

sensor timing resolution as low as 20 ps, limited by Landau fluctuations and non-saturated carrier2624

velocity, are within reach (see Fig. 62). The very low electronics noise required for these thin2625

sensors will result in significant power consumption of the frontend. The introduction of a2626

moderate gain, of the order of 5 - 20, would greatly reduce this power consumption. Therefore,2627

strategies to introduce a gain layer by adding dedicated implants or using engineered substrates2628

will be evaluated through TCAD/MC simulations and their feasibility in production will be2629

discussed with the silicon foundries.2630

Highly doped p+ substrates with high-resistivity epitaxial layers will be used to avoid the need2631

of complex backside post-processing steps. The processing will be done on thick wafers for2632

mechanical stability reasons, and the wafers will be thinned after the completion of all the other2633

processing steps. The optimal solution for the implementation of a readout channel will also2634
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Sensor options: LGAD
• The choice of CMS and ATLAS for the timing layers 
• State of the art LGAD do not allow for very small pixels, but this is not an issue for the TOF 

Several approaches being investigated to improve the fill factor 
• Radiation hardness is up to 1015, so much higher than what needed in the TOF 
• CMS and ATLAS approach: 1.3 mm x 1. 3 mm pads. 
• Sensor is 2 cm x 4 cm connected to a 2 cm x 2 cm front-end chip via bump bonding 
• Front-end is 65 nm for CMS and 130 nm for ATLAS 114 Chapter 3. The Endcap Timing Layer

Figure 3.14: Schematic representation of the charge carrier drift lines for a standard silicon
sensor (left) and for an UFSD (right).

• Gain and Noise: an excellent time resolution can only be achieved by the electronics
if the sensors provide large signals, requiring high gain and low noise.

• Long term stability: the stability may be affected by annealing effects. It is important
to assure that the UFSD design is not sensitive to this effect.

• Failure modes: the high bias voltage needed to recover the gain might lead to detec-
tor damage. Stringent operational procedures need to be followed to avoid damage.

• Time resolution: the time resolution achieved with custom, low-noise front-end
boards provides a measure of the sensors’ capabilities in near ideal conditions.

In the past few years several UFSD productions have been manufactured by CNM, FBK and
HPK to optimize these aspects, in the following a brief summary is presented.

3.2.4.1 Fill Factor

The main component determining the fill factor is the no-gain space between pads. As shown
in Fig. 3.14 (left), in standard planar silicon detectors the fill factor is almost 100% since the
electric field lines are always closing on the electrodes. This remains true in the UFSD design,
Fig. 3.14 (right), but not all electric field lines cross the gain layer; in the volume where this
happens, the signal is still present but without gain. This effect is caused by the junction ter-
mination extension (JTE), which is an n-doped deep well. CNM, FBK and HPK have produced
structures with different interpad distances and widths of the isolation p-stop implants, aimed
at maximizing the fill factor while keeping good isolation between pads.

The no-gain separation has been measured in beam tests at FNAL [82] and in laboratory bench
tests [83]. In the laboratory tests, specially designed UFSD structures having a small region
without metal traces from one pad to the neighboring one were used in conjunction with a laser
set-up mounted on a precision x � y table. In a simplified view, the amplitude of the signals
measured on a pad as a function of the laser spot position is a sigmoidal function obtained
by the convolution of a step function (gain – no gain) with a Gaussian function from the laser
beam spot size. The distance between the 50% amplitude points is the length of the no-gain
region. The left side of Fig. 3.15 shows this measurement for an FBK design, where the no-gain
distance was measured to be 38.3 µm.

The right side of Fig. 3.15 reports the fill factor as a function of the no-gain distance for a
1.3 ⇥ 1.3 mm2 pad. Table 3.3 shows the current results for pads that are working well. FBK has
tried smaller distances (below 30 µm), however the sensors suffered from early breakdown. A

In the forward region, between the Inner Tracker and the End Cap of  EM Calorimeter 
• 2.4 < η < 4.0 ( 120 mm < R < 640 mm), ΔZ = 75 mm (+50 mm moderator)
• TID up to 9.5 MGy (SF 2.25) at R = 120 mm after 4000 fb-1 (1016 n/cm2 SF =1.5) => Ring 3.1< η < 4.0 replaced half the HL-
LHC lifetime = 32 % of modules.

• σt ~ 30 ps/track at start, 50 ps/track at the end, dominated by electronic jitter and < 10% occupancy
- Si (Low Gain Avalanche Diodes) sensors
- 1.3 x 1.3 mm2 granularity
- 2 hits/track η< 3.2 ; 3 hits/track η> 3.2

• Use as counting detector at 40 MHz for luminosity measurements

ATLAS High Granular Timing Detector in HL-LHC

2ATLAS HGTD - ALTIROC ASIC -TWEPP 2019

MIP signal (10 fC) with LGAD sensor
thickness = 50 µm and G = 20

2 disks, 2 layers/disk
equipped on both sides with
Low Gain Avalanche Diodes (LGAD)

Sensor overlap: 20% for r>320 mm and 80% for r<320 mm

• 50 µm active thickness 
• Gain > 20: resolution dominated by sensor 
• 35 ps rms
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LGAD simulated performance
ALICE 3 Letter-of-Intent (CERN-LHCC-2021-xxx) 79
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Fig. 43: LGAD (50 µm of thickness) time resolution as a function of the Constant Fraction Dis-
criminator (CFD) for different gain values simulated with Garfield++. The curves include results
with a flat E profile and with more realistic TCAD profiles. Simulations are also compared with
test beam measurements.

jitter is larger for smaller slew rates, which means at the beginning of the signal. For larger2119

values of CFD the time resolution is dominated by the so-called Landau fluctuation due to the2120

non-uniform creation of electron–hole pairs along the particle path leading to time-of-arrival2121

fluctuations. This effect is given by the physics governing the energy deposition by an imping-2122

ing charged particle in silicon since the total number and the local density of electron-hole pairs2123

created along its path varies on an event-by-event basis, and it cannot be avoided; it is common2124

to both LGAD and no-gain sensors. As one can see from the Figure, as a combination of all the2125

effects aforementioned, the time resolution flattens as the CFD thresholds increases. With an2126

appropriate value of the gain, time resolutions around 30-35 ps can be achieved.2127

An evolution of LGADs are the Resistive AC-Coupled Silicon Detectors RSD (AC-LGADs),2128

that are characterized by a new readout logic based on the resistive AC-coupled scheme. Lat-2129

est results obtained with a 50-µm thick RSD, designed at the INFN of Torino, have demon-2130

strated a 100% fill-factor. By using a TCT pulsed laser, a time resolution of less than 14 ps2131

was measured [?] even if the effect of the Landau fluctuations has not yet been estimated. Such2132

good timing performance of LGADs comes together with the drawback of high construction2133

cost.2134

4.2.2.1.2 LGAD option: R&D challenges and plans The choice of the LGAD active thick-2135

ness represents usually the best compromise between capacitance and deposited charge, which2136

is favouring a large thickness, and signal slope and Landau fluctuations favouring a small thick-2137

ALICE 3 Letter-of-Intent (CERN-LHCC-2021-xxx) 81
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Fig. 44: LGAD time resolution as a function of the Constant Fraction Discriminator (CFD) for
different sensor thicknesses simulated with Garfield++.

charged particles are not well known and simulations and experimental results are needed to fill2180

the gap.2181

As opposed to PIN diodes, providing a signal proportional to the incident radiant power, SPADs2182

can take advantage of a huge internal gain, with no need for pre-amplification, therefore reduc-2183

ing power dissipation, and high spatial and time resolution. Moreover, the amount of detector2184

material can be kept to a minimum, as the sensitive volume of a SPAD is limited to the very thin2185

depleted region around the pn junction.2186

Use of a CMOS technology for the fabrication of the sensor lends itself naturally to monolithi-2187

cally integrating the processing electronics and the sensing element in a common substrate.2188

For new silicon integrated-passively-quenched single-photon avalanche diodes (iPQ-SPADs), a2189

jitter between 20 and 25 ps (FWHM), has been measured at room temperature for circular SPADs2190

with 20 m diameter [Acerbi et al.]. The results are quite promising even if dark count rates show2191

a large increase at fluences of 1E11 (1-MeV neq)/cm2. In [Ratti et al.] the characterization of2192

SPAD arrays fabricated in a 150 nm CMOS technology for the detection of charged particles2193

is reported. The chips have been designed to be assembled into a dual-layer structure for co-2194

incidence measurements and a comparison with the results obtained for single-layer devices is2195

reported. The measurementa are consistent with the Dark Count Rate performance improvement2196

expected from the dual-layer architecture and are comparable with the performance of dual-tier2197

SPADs with p-well/deep n-well structure. It might be worth to further investigate the possi-2198

ble advantages that this approach can ensure in terms of tolerance to ionizing and non-ionizing2199

radiation.2200

• LGAD with gain of 20 and 25 µm thickness can achieve TOF-grade performance
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LGAD module concepts for TOF

sensor
ASIC

• ASIC and sensor area comparable 
• Direct bump bonding 
• Shorter connections 
• ASIC prototyping requires going to 

engineering run in an early stage 
• Watch high-frequency feed-through

sensor

interposer/RDLASIC ASIC

• ASIC can be much smaller  
• ASIC prototyping in MPW 
• Very advanced node possible 
• Longer connection… 
• …but best results still obtained with wire 

bonding! 
• Less high-frequency feed-through
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What about CMOS sensors?
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Vnwell = 3.0V
Vback @ 50 mW/cm2

Further improvements 
could be reached with 
higher voltages applied to 
the collection electrode

ARCADIA TCAD simulation

ARCADIA 10µm pitch pixel
Small collection electrode
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Three
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25µm
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50µm

10µm

Backside voltage 
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Collection 
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3

ARCADIA 10µm pitch pixel
Small collection electrode

Sensor thickness = 50 µm
Epi thickness = 7 µm
Backside voltage = Vpt

To improve the results:
- higher backside voltage 

(10-50 mW/cm2)
- thicker epi layer (8µm)
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ARCADIA TCAD simulation

ARCADIA 50µm pitch pixel
Large collection electrode
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thk
[um]

pitch 
[um]

epi
[um] Vn [V] Vpt [-V] Vpw [-V]

10 mW/cm2

50 50 7 3.3 -29.1 -33.1

Sensor thickness = 50 µm

Epitaxial layer thickness = 7 µm (next: 8 µm)

Vnwell = 3.3 V

Vback = onset of punch through (can be increased)

Capacitance: ~ 33 fF

Deep p-well only on two sides of the pixel to host 
transistors

ARCADIA 50µm pitch pixel
Large collection electrode

Deep p-well only on two sides 
of the pixel to host transistors

7 15



BiCMOS sensors in SiGe technology

2020 JINST 15 P11025

P�������� �� IOP P��������� ��� S���� M�������

R�������: August 28, 2020
A�������: September 28, 2020
P��������: November 13, 2020

Time resolution and power consumption of a monolithic
silicon pixel prototype in SiGe BiCMOS technology

L. Paolozzi,0,1 R. Cardarelli,1 S. Débieux,0 Y. Favre,0 D. Ferrère,0 S. Gonzalez-Sevilla,0

G. Iacobucci,0 M. Kaynak,2 F. Martinelli,3,4 M. Nessi,3 H. Rücker,2 I. Sanna, 5 ,2

D.M.S. Sultan,0 P. Valerio0 and E. Za�aroni0,3

0DPNC, University of Geneva,
quai Ernest-Ansermet 24, Geneva, Switzerland

1INFN — Sezione di Roma Tor Vergata,
Via della ricerca scientifica 1, Rome, Italy

2Technology department, IHP Microelectronics,
Im Technologiepark 25, Frankfurt (Oder), Germany

3CERN,
Esplanade des particules 1, Meyrin, Switzerland

4STI IMT, EPFL,
Rue de la Maladiére 71b, Neuchatêl, Switzerland

5 Physics department, Universitá di Torino,
Via Pietro Giuria 1, Torino, Italy

E-mail: lorenzo.paolozzi@unige.ch

A�������: SiGe BiCMOS technology can be used to produce ultra-fast, low-power silicon pixel
sensors that provide state-of-the-art time resolution even without internal gain. The development of
such sensors requires the identification and control of the main factors that may degrade the timing
performance as well as the characterisation of the dependance of the sensor time resolution on the
amplifier power consumption. Measurements with a 90Sr source of a prototype sensor produced in
SG13G2 technology from IHP Microelectronics shows a time resolution of 140 ps at an amplifier
current of 7 �A and 45 ps at a power consumption of 150 �A. The resolution on the measurement of
the signal time-over-threshold, which is used to correct for time walk, is the main factor a�ecting
the timing performance of this prototype.

K�������: Particle tracking detectors; Solid state detectors; Timing detectors

1Corresponding author.
2Visiting student at: University of Geneva, Geneva, Switzerland.
3Now at EPFL.

c� 2020 CERN. Published by IOP Publishing Ltd on behalf of Sissa
Medialab. Original content from this work may be used under the terms

of the Creative Commons Attribution 4.0 licence. Any further distribution of this work
must maintain attribution to the author(s) and the title of the work, journal citation
and DOI.

https://doi.org/10.1088/1748-0221/15/11/P11025

2020 JINST 15 P11025

hexagonal pixels, with hexagon sides of 130 µm and 65 µm. Each pixel is connected to the front-end
circuit, which is placed in an independent deep-nwell to insulate it from the high-voltage substrate.
A study of the timing performance at high power consumption of the prototype is described in [3].
In this paper we focus on the contribution to the time resolution of the amplifier power consumption
and of the time-walk correction method.

L3

L0

L2

L5

L1

L4

L6

S1
S0

S2
S3

Figure 1. The monolithic prototype in IHP SG13G2 technology used for the measurements. The pixels and
front-end electronics are inside deep-nwells operated at positive low-voltage, while the p-doped substrate is
operated at negative high-voltage. For the measurements presented here, the output of the discriminators
was sent to a di�erential driver and directly readout by an oscilloscope.

The prototype integrates a front-end electronic circuit consisting of a HBT-based amplifier
and a CMOS-based discriminator originally developed to read large pixels of a silicon sensor for
medical applications [7], which was not designed to operate at very low current. For this reason
in this study the CMOS-based discriminator was kept at the original design current of 40 µA. The
HBT-based amplifier, on the other hand, has programmable bias components and it was operated
with a supply current in the range between 7 µA and 150 µA. The output of the discriminator was
sent out from the chip using a di�erential CML driver, allowing the measurement of the signal
Time of Arrival (ToA) and Time over Threshold (ToT). In this prototype, the measurement of the
amplitude of the signal at the output of the amplifier was not possible.

2 Experimental setup with radioactive sources

An experimental setup with radioactive sources (figure 2) was built to measure the gain, noise and
time resolution of the prototype chip while operating the amplifier at a collector current of 7, 20
and 50 µA and the sensor at a bias voltage between 100 and 180 V. The expected depletion depth
at a bias voltage of 140 V for a bulk resistivity of 50⌦ cm is 26 µm, making the intrinsic sensor
contribution to time resolution from the charge deposition profile and the sensor uniformity of
response below 30 ps [8]. The measurement of the gain of the amplifier at the di�erent working
points was performed using a 109Cd source, which generates 22 and 25 keV photons.
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Figure 8. Distribution of the ToF between the pixel under test and the LGAD for an amplifier current of
50 µA and a discriminator threshold of 1046 electrons. The time jitter was estimated by a Gaussian fit -
represented by the full red line - that excludes the tail of the distribution for ToF>125 ps. The dashed line
shows the continuation of the fitted Gaussian function outside the range of the fit. The fraction of events in
the tail exceeding the Gaussian fit is 5C08; = 4.8%. The average value of the ToF was set close to zero by the
time walk correction.

Figure 10 shows that the time resolution improves at higher sensor bias voltages. This im-
provement can be explained by two factors:

• An increase of the depletion depth, which is associated to a smaller pixel capacitance and a
larger charge signal from the MIPs (up to 13% at the highest voltage). As a consequence it
o�ers a better signal to noise ratio for the time walk correction.

• An increase of the average electric field in the active volume, with faster charge collection
and improved intrinsic timing performance of the pixel sensor.

The contribution from the second e�ect is small and it does not depend on the amplifier working
point, therefore the large improvement at the lowest current can be attributed solely to the increase
of the signal charge.

4 Conclusions and discussion on the impact of SiGe HBT in timing sensors

The timing performance of a small-size monolithic silicon pixel prototype featuring an amplifier
realised with SiGe HBT was measured with a 90Sr source setup. For a pixel capacitance of 70 fF, a
time resolution of 140 ps was achieved for an amplifier current of 7 µA, while 45 ps were measured
at 150 µA. These excellent results show that the low noise and high transition frequency of SiGe
HBTs can be used to produce amplifiers for silicon pixel detectors with low time jitter at very low
power consumption.

An analysis of the results indicates that the measured time resolutions are limited by some
design characteristics of this prototype and not by the performance of the SiGe HBT. In particular:

– 8 –
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A B S T R A C T

In the ATTRACT project FASTPIX we investigate monolithic pixel sensors with small collection electrodes in
CMOS technologies for fast signal collection and precise timing in the sub-nanosecond range.

Deep submicron CMOS technologies allow tiny, sub-femtofarad collection electrodes, and large signal-to-
noise ratios, essential for very precise timing. However, complex in-pixel circuits require some area, and one of
the key limitations for precise timing is the longer drift time of signal charge generated near the pixel borders.
Laying out the collection electrodes on a hexagonal grid and reducing the pixel pitch minimize the maximum
distance from the pixel border to the collection electrode. The electric field optimized with TCAD simulations
pulls the signal charge away from the pixel border towards the collection electrode as fast as possible. This
also reduces charge sharing and maximizes the seed pixel signal hence reducing time-walk effects. Here the
hexagonal geometry also contributes by limiting charge sharing at the pixel corners to only three pixels instead
of four. We reach pixel pitches down to about 8.7 �m between collection electrodes in this 180 nm technology
by placing only a minimum amount of circuitry in the pixel and the rest at the matrix periphery. Consuming
several tens of micro-ampere per pixel from a 1.8 V supply offers a time jitter of only a few tens of picoseconds.
This allows detailed characterization of the sensor timing performance in a prototype chip with several mini
matrices of 64 pixels each with amplifier, comparator and digital readout and 4 additional pixels with analog
buffers. The aim is to prove sensor concepts before moving to a much finer line width technology and fully
integrate the readout within the pixel at lower power consumption.

1. Small collection electrode CMOS sensors

CMOS technologies offer a cost-effective monolithic integration of
sensor and electronics, combining high granularity and low mate-
rial budget with an overall reduction of the production efforts [1].
For a given bandwidth (speed), signal to noise ratio and collected
charge signal a smaller capacitance allows for a lower analog power
consumption [2].

A low capacitance sensor requires a small collection electrode where
the in-pixel read-out circuit is placed outside the electrode with proper
shielding to avoid collection of signal charge by parts of the circuit
other than the designated collection electrode. The TowerJazz 180 nm
CMOS imaging sensor process shown in Fig. 1(a) offers a high resistivity
epitaxial layer (> 1 k⌦ cm) with a typical thickness of 25 �m. A
2 ù 2 �m2 n-well collection electrode is located at the center of the
pixel sensing volume with a junction capacitance of ˘ 2 fF. The deep-
p-well layer provides shielding from the circuit n-wells. The sensor
epitaxial layer is not uniformly depleted and the charge collection time

< Corresponding author.
E-mail address: thanushan.kugathasan@cern.ch (T. Kugathasan).

is therefore limited by diffusion (˘ 100 ns). This process is used for
the ALPIDE pixel sensor [3] for the upgrade of the Inner Tracking
System of the ALICE experiment. To achieve full lateral depletion
of the sensor volume, the process has been modified [4] adding an
uniform low dose n-layer under the deep p-well, as shown in Fig. 1(b).
Although the charge is collected by drift, the main limitation for timing
application is the low electric field in the pixel corners: for a pixel
pitch of tens of micrometers the charge collection time can be up to
tens of nanoseconds. For faster charge collection by drift and reduced
charge sharing, the strength of the lateral electric field in the corner
region can be increased by introducing a lateral gradient in the doping
profile [5]. This can be achieved with a gap in the n-layer at the pixel
edges as show in Fig. 1(c) or with the introduction of an extra deep-p
implant as shown in Fig. 1(d). For fast timing applications requiring
sub-nanosecond resolution, the electric field lines can be further bent
towards the collection electrode combining the extra deep-p implant
and the gap in n-layer at the pixel corners as shown in Fig. 1(e).
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Fig. 8. FASTPIX layout (5.3 ù 4.1 mm2) with a detail of the 8.66 �m pitch hexagonal grid and zoom on 7 pixels.

Fig. 9. On chip readout circuit.

capacitance Cp. The input voltage signal is buffered by the first stage
PMOS source follower consisting of input transistor M4 and M3 to set
the bias current IBIASP. The output net SOURCE follows the input
net and M4 gate–source capacitance is compensated. The output net
SOURCE is fed back to gate and bulk of the reset transistor M2 to
compensate its gate–drain and bulk-drain capacitance at the IN node.
The SOURCE line is routed outside the pixel matrix to the second stage
NMOS source follower consisting of input transistor M5 and M6 to set
the bias current IBIASN. The output SF_OUT is connected back to the
drain of the in-pixel source follower input transistor M4 to compensate
its gate–drain capacitance. In each matrix 64 pixels arranged in 4 rows
and 16 columns have a one-to-one connection to 64 discriminators in
the periphery. The discriminated signal is merged on a single line with
a fast- or logic and transmitted off-chip with a LVDS driver. In each
matrix 4 pixels are connected to 4 fast analog monitoring channels that
buffer the second source follower output to the A_OUT analog output
pad.

Fig. 10 shows the transient voltage signals at the sensor input
node (V_IN), after the first stage (V_SOURCE), after the second stage
(V_SF_OUT) and at the output pad (V_A_OUT). The signals have a
negative polarity because of negative charge collection on the n-well
electrode. In this example the charge collection time was set to 100
ps, after this time the sensor voltage signal is equal to Qin/(Cd +Cp).
The capacitance compensation mechanism is limited by the first stage
reaction time of about 1 ns. Therefore, the signal amplitude at the input
node voltage increases as the compensation evolves. When Cp is fully
compensated the total amplitude is equal to Qin_Cd. After the first stage
the signal is buffered at the output pad with no speed penalty.

Fig. 10. Analog transient signals for Qin = 100 e*, Cd = 1 fF and a collection time
of 100 ps.

The circuit is designed to have enough bandwidth to resolve the
sensor timing performance in the sub-nanosecond range. Fig. 11 shows
the analog output pad time-walk simulation results for charge collec-
tion time values of 0.1 ns and 1 ns with threshold setting values of 33*

e and 66 e*. The summary of the expected circuit performance is given
in Table 1.

5
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Fig. 1. Cross section of variations of the TowerJazz 180 nm CMOS imaging sensor process. (a) Standard process (b) Modified process with low dose n-implant (c) with gap in
the low dose n-implant (d) with extra p-type implant (e) with extra p-type implant and with gap in the low dose n-implant.

The charge collection time is determined by the electric field
strength and the distance between the charge ionization point and the
collection electrode. The interaction points of the ionizing particles
are uniformly distributed over the pixel area. The time resolution is
limited by the charge collection time difference between the hits in the
central region and the corner regions. For this reason, one of the key
limitations for precise timing is the longer drift time of the signal charge
when it is generated near the pixel borders. For a given pixel area,
defined by the circuit functionality, the maximum distance between
the pixel corner and the collection electrode can be reduced by placing
the electrodes on a hexagonal grid instead of the standard square array.
An additional advantage is that charge sharing at the pixel corners is
limited to only three pixels instead of four. The reduction of charge
sharing increases the signal in the seed pixel decreasing the threshold
crossing time of the signal. In our design the capacitance seen on the
collection electrode is strongly dominated by the capacitance between
the n-type diffusion and its metal connection on one hand and the
surrounding pwell on the other, which does not change when going to
a hexagonal grid. Also, the much smaller capacitance to the substrate
does not change significantly, so in practice the electrode capacitance
is virtually unaffected by a change from square to hexagonal grid.

In the proposed FASTPIX concept the pixels are on a hexagonal grid
and the extra p-type implant and gap in the n-layer are implemented
as shown in Fig. 2(b). A comparison of charge collection between a
pixel on a hexagonal grid versus a pixel on a square grid is shown in
Fig. 3. In the square grid we define r as the maximum distance from

the pixel corner to the collection electrode. For the same pixel area on
a hexagonal grid the maximum distance decreases to 0.88 r.

The pitch is the distance (direct line) from a collection electrode
to the closest collection electrode. The pitch for the hexagonal grid is
10 �m, the pitch of the square case is 9.3 �m and it has been adapted
to obtain the same area for circuitry.

The hexagonal geometry also contributes to reduce charge sharing
as at the pixel corners is limited to only three pixels instead of four.

2. Collection electrode design optimization

The collection electrode design is optimized using Technology Com-
puter Aided Design (TCAD) simulations that compute the electric field
in the sensor taking in account the geometry and doping profiles. The
detailed electric field is used to perform a simulation of a particle
incident with a time-resolved transient-current simulation to study the
charge collection speed [6]. The dimension of the n-well collection
electrode and the distance of the surrounding p-type implants is defined
by a tradeoff between small capacitance for better analog performance
and strong electric field for fast charge collection.

A small collection electrode has a small capacitance, however the
size has to be large enough to create a strong electric field and a good
contact to the low dose n-type implant underneath. A charge collection
transient simulation for electrodes of 1 �m and 0.5 �m width is shown
in Fig. 4. The pixel is on a staggered grid with a pitch of 20 �m, this
corresponds to an irregular hexagonal grid where the distance between

2
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• A pitch of about 1 mm is the order of magnitude of what is intended for detector projects like
the HGTD and is representative of the required pitch for future timing oriented detectors.

• To speed up the output signal and reduce as much as possible its rise time, it is needed to
increase significantly the bias currents of the front-end electronics. Small pixel pitches would
lead to an unacceptable power dissipation per surface unit. In our case, for an estimated bias
current of 800 µA per pixel, the static power consumption of the active area is 145 mW/cm2.

• To ensure the best possible timing resolution, the electric field lines within the collection diode
have to be as parallel as possible. A large collection diode allows reducing the fraction of the
surface where fringe e�ects are significant, and large pads help to minimise the influence of
shared hits.

The cross-section of a pixel of CACTUS is shown in figure 1 (not to scale). Due to the deep
n-well (DNW) and buried p-well (DPW) layers available in this process, it is possible to implement
complementary (NMOS and PMOS) transistors inside the pixel. The in-pixel electronics occupy
only a small part of the area of the pixel. On the other hand, the power rails are quite large to
minimize the resistivity of the supplies.

PW PW PWNWNW NW
DPW

DNW

PW

HR p-substrate

-HV

VDD In-pixel electronics
Metal power rails

Figure 1: Cross-section of a pixel showing the
in-pixel electronics and the metal power rails
(drawing is not to scale).

Figure 2: Block diagram of the CACTUS pixel
analog front-end.

The in-pixel front-end electronics of each pixel is made of a fast charge-sensitive amplifier
(CSA) followed by a leading-edge discriminator (see figure 2). Each pixel has a 4-bit DAC to
correct any threshold non-uniformity from the discriminators. The analog output of the CSA
(OutBL) and the digital output of the discriminator (HIT) can be monitored out of the chip through
dedicated on-chip bu�ers. The charge collection diode is continuously biased through a very high
impedance device (a diode-connected NMOS transistor [9]). There is no leakage compensation
circuit.

To ensure good timing resolution with such a configuration, the time walk e�ects have to be
measured and corrected. If the signal shape has su�cient uniformity over the sensitive surface, a
unique time-walk correction can be used independent of the impact point of the particle.

The implementation of two pixel sizes allows to study the front-end performance for two
detector capacitance values. The pixel capacitance values have been estimated from the Sentaurus
TCAD simulation software [12] and the Cadence Integrated Circuit (IC) design tools by simulating
the contribution of the diode and the in-pixel electronics. The capacitance values are around 1.5 pF
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dedicated on-chip bu�ers. The charge collection diode is continuously biased through a very high
impedance device (a diode-connected NMOS transistor [9]). There is no leakage compensation
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To ensure good timing resolution with such a configuration, the time walk e�ects have to be
measured and corrected. If the signal shape has su�cient uniformity over the sensitive surface, a
unique time-walk correction can be used independent of the impact point of the particle.
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TCAD simulation software [12] and the Cadence Integrated Circuit (IC) design tools by simulating
the contribution of the diode and the in-pixel electronics. The capacitance values are around 1.5 pF
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scintillator and placed below the DUT provides the reference time measurement. Both CACTUS
digital outputs and PMT signals are sent to a WaveCatcher digitizer [14].

The data coming both from the Raspberry-Pi (the address of the hit cell and the trigger) and
from the WaveCatcher (CACTUS signals) are collected on a computer. The arrival time di�erence
of the PMT and CACTUS signal is used to estimate the CACTUS timing resolution. Independently
the PMT resolution has been measured around 80 ps using two PMTs and a 22Na source.

The CACTUS used in these measurements is a 200 µm thick sensor biased at HV = �300 V.
At the price of a high trigger threshold (80 mV corresponding to ' 2.9 MIPs), using an ad hoc TOT
correction (figure 8.a) we obtained a CACTUS time resolution of 105 ps (figure 8.b). The TOT
correction accounts for the PMT timewalk, the CACTUS timewalk and the correlations between
time of flight and energy deposit. The result shown in figure 8.b includes the contribution of the
PMT time resolution. On figure 8.a, the highest amplitude energy deposits correspond to the slowest
� particles, and hence to the highest time di�erence between the PMT and the sensor, and also to
the highest PMT TOT. At lower thresholds, the timing resolution degrades: 278 ps at 1.7 MIPs and
303 ps at 1.0 MIPs.
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(b)

Figure 8: Time di�erences between sensor and PMT a) versus TOT and polynomial parameteri-
zation. b) After TOT correlation corrections. The 132 ps dispersion corresponds to the quadratic
sum of the PMT 80 ps resolution and the CACTUS 105 ps resolution (threshold ' 2.9 MIPs).

4 Test beam

A test beam campaign has confirmed the signal to noise ratio estimated from X-ray sources and
allowed us to study the uniformity and charge collection of the sensor. It also gave an estimation of
the time resolution for MIPs.

4.1 Test beam infrastructure

Test beam measurements were performed at the Fermilab Test Beam Facility (FTBF) [17], which
provides a unique opportunity to characterize prototype detectors for collider experiments. A
typical application is to place a DUT in the high energy beam, and measure its response to the

– 8 –
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Adding gain to CMOS sensors
• Avalanche pixel with 6 um pitch 
• No HV in the front-side 
• Y. Hirose et al. IEEE ISSCC 2019 
• PANASONIC patent EP 3 448 018 A1 

• G. Iacobucci et al. UniGe 
• Patent EP 3 654 376 A1  
• Gain in layer in the back 
• No HV in the front-side 
• Target 1 ps resolution
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Adding gain to CMOS sensors
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Adding gain to CMOS sensors

• High (negative) backside voltage for charge collection 
• High positive sensor voltage for avalanche 
• Monolithic electronics is possible only with AC coupling  
• Concept can be used both for thick (100s micron) and thin (10s micron) sensors: gain and 

charge collection are decoupled

• Preliminary simulations with the 110 nm process used by ARCADIA 
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Adding gain to CMOS sensors

IV curves and quasi-stationary gain

Linear operation:
Gain – from a few units
to 10 - 20

Linear (APD/LGAD) and 
Geiger-mode operation (SPAD)

Substrate thickness: 50um – Backside voltage: -15V

Problem: high voltage needs
To be applied at the top!
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SPADs

• Three kind of SPAD-based sensors 
• Analog SiPM: most mature and widely available. Time resolution of 20 ps FWHM for 1 mm x 1 mm SiPM 

(about 40 pF capacitance) 
• 2D digital SiPM: fill factor, technology optimization - best CMOS SPAD 12.1 ps FWHM, 180 nm, DCR 

20MHz/cm2 at room T, 160 kHz at - 65 C. 
• Time resolution: 12.1 ps (25 um), 16 ps (50 um), 27 ps (100 um) FWHM. 
• 3D digital SiPM: 2 tier approach 
• …but it is not necessary to readout every single SPAD! 
• SPAD-based sensors used to detect charge particles only in limited number of R&D 
• For charge particles, efficiency expected to be larger than fill factor 
• Performance should be comparable 

PANCHERI et al.: FIRST DEMONSTRATION OF TWO-TIER PIXELATED AVALANCHE SENSOR

geometrical Fill Factor, but without providing spatial
information [16], [17].

In charged particle tracking and counting applications,
the detectors of choice can be either hybrid or monolithic
depending on the required resolution and radiation damage
tolerance. In the case of hybrid detectors, bump bonding
is typically used to connect the sensor array to a read-
out electronic chip. This approach offers the flexibility of
customizing sensors and electronics independently, at the
expense of a larger parasitic input capacitance. Since the
input noise of the readout electronics is increased by large
input capacitances, a large charge discrimination thresh-
old needs to be set in hybrid detectors, thus limiting the
minimum detectable charge. The large threshold affects
the minimum detector thickness, that is around 100µm in
the hybrid pixels currently under development for tracking in
high-energy physics applications [18], [19]. In State-of-the-
Art monolithic detectors, the active area is typically limited
to a few 10s of µm and full substrate depletion is not
achieved. However, they exhibit a good signal-to-noise ratio
thanks to their low parasitic capacitance, and their charge
collection time can be as low as a few tens of ns [20].
For ultrafast timing applications, a class of detectors with
low-gain avalanche amplification is emerging, providing a
timing resolution as low as a few 10s of ps [21]. For this
class of detectors, however, a fine pixelation has still to be
demonstrated. If compared to existing solutions, the proposed
Geiger-mode avalanche pixel is potentially interesting for
combining fine pixelation, low material budget, low power
consumption and timing resolutions that in principle can be
lower than 100ps thanks to Geiger-mode operation.

To fully exploit the potential of the coincidence detec-
tion concept, low-noise avalanche detectors need to be
co-integrated with deep submicron readout circuits, and
two detector layers should be vertically integrated. Several
examples of 3D-integrated SPAD arrays for optical sens-
ing have been recently presented [22]–[24], supporting the
technological feasibility of the proposed approach.

In this work, we present a two-layer sensor based on
avalanche detectors in coincidence fabricated in a commer-
cial 150nm CMOS process and integrated using a standard
bump bonding technology. The architecture of the sensor
is described in Section II. A selection of results from the
experimental validation of the sensor is shown in Section III,
while possible improvements of the proposed sensor in view
of the potential applications are discussed in Section IV.

II. SENSOR DESIGN
The coincidence pixel is composed of 2 levels of detec-
tors and electronics, with a vertical interconnection used to
deliver the digitized signal from the top to the bottom layer
(Fig. 1).

The Geiger-mode detectors used in this work, fabricated
in a commercial 150nm CMOS process (6 metal, 1 poly),
have been previously developed for optical sensing applica-
tions [25], [26]. The detector junction, implemented as p+ or

FIGURE 1. Cross section of a two-layer CMOS pixel based on avalanche
detectors in coincidence.

pwell in a deep nwell, is isolated from the p-type substrate.
Therefore, the thickness of the active volume is very narrow,
in the order of 1µm [26]. The detectors have been covered
with a metal shield to avoid optical cross-talk between dif-
ferent layers, but a few pixels have been left unshielded to
enable optical tests.

A simplified schematic diagram of the pixel is presented
in Fig. 2. The detector front-end is the same in both layers,
and includes a quenching transistor, a comparator and a pro-
grammable monostable for pulse shortening. The coincidence
resolution time depends on the monostable pulse width, that
can be set to three different nominal values of 750ps, 1.5ns
or 10ns. A configuration register is used to independently
enable or disable the pixels with an arbitrary pattern. The
bottom half-pixel also includes a coincidence detector and
digital electronic circuits for data storage (1bit/pixel) and
readout.

The pixel array, having a total size of 16 ! 48 pixels,
is partitioned in subarrays with 4 different detector sizes.
Each pixel has a size of 50 µm x 75 µm, with a maximum
geometrical fill factor of 51.6%. The peripheral electronic
circuits offer the flexibility for mapping dark count rate
(DCR), timing resolution and crosstalk probability between
different pixels in the same layer [27].

A micrograph of the bottom chip is shown in Fig. 3(a),
while 3(b) shows a concept view of the complete sensor,
where the two tiers have been vertically integrated using a
flip chip process with SnAg solder bumps. In the final assem-
bly, the bottom chip is connected to the package through
standard wire bonds, while power, analog and digital signals
are supplied from the bottom to the top chip through bump
bonding pads.

III. EXPERIMENTAL RESULTS
A few samples of top and bottom chips were wire-bonded for
testing before proceeding to vertical integration. Electrical
tests showed the correct functionality of both avalanche
detectors and electronics in the two chips.
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Conclusions

• CMOS sensors are an attractive solution for the TOF 
• Timing potential of CMOS sensors not yet fully exploited 
• 20 ps or better resolution can be envisaged and worth of further R&D 
• Adding gain to CMOS can be the game changer 
• SPAD interesting if TOF-RICH readout are combined 
• LGAD provides a solid fall-back solution
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Key players: CDNs
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A 4GHz Clock Distribution Architecture using Subharmonically Injection-Locked 
Coupled Oscillators with Clock Skew Calibration in 16nm CMOS 
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Abstract 

We propose a new approach to an on-chip clock distribution 
scheme. It is based on distributed multi-GHz LC-tank 
oscillators generating local clocks. The oscillators are mutually 
coupled to align their frequencies and are further 
subharmonically injection-locked to a much lower frequency 
reference to align their phases. The final phase calibration is 
via adjusting their self-resonant frequencies. We demonstrate 
the scheme with two 4GHz digitally controlled oscillators 
(DCO) separated by 650um on a 16nm CMOS die, mutually 
coupled via a differential transmission line and 
injection-locked to a 125MHz reference. The proposed 
architecture achieves a sub-ps calibrated skew with 87fs rms 
jitter while consuming 4.3mW, resulting in -258dB clock 
FOM (jitter2!power). 

Introduction 
With the ever-increasing demand for data transmission 

bandwidth, a high-frequency clock distribution network plays 
a key role. Conventional buffered H-tree networks consume 
large power and are sensitive to process, voltage and 
temperature (PVT) variations deteriorating the clock skew. 
These shortcomings have stimulated research in, e.g., resonant 
clocking and de-skew approach [1]. However, jitter 
performance is limited there by the clock source using a 
phase-locked loop (PLL). This paper proposes a clock 
distribution method using sub-harmonically injection-locked 
coupled oscillators (SHILCO) to improve energy efficiency, 
jitter performance and clock skew. 

Low-Power, Low-Skew and Low-Jitter SHILCO 
Fig.1 shows a block diagram of the proposed SHILCO. 

The clk1/clk2 clocks are generated locally by two 4GHz 
DCOs and are then edge divided through programmable 
dividers (ratio:2-1024) and distributed through local clock 
trees. The DCOs are separated by 650um and mutually 
coupled by the differential line (TL) configured as 
GND-signal-signal-GND (GSSG). Amplitude, and thus 
power, of the 4GHz sinusoidal signal carried by the TL can 
be minimized if natural resonant frequencies of the DCOs are 
aligned via the switched-capacitor array (SCA) code tuning 
of their LC tanks [6]. The two mutually coupled DCOs are 
further individually injection-locked to the same reference 
clock (REF) of frequency f0 that is 32x lower. This 
subharmonic injection-locked (SHIL) technique [2] improves 
jitter and ensures phase synchronization. This way, the 
conventional distribution of high-speed multi-GHz clocks is 
avoided, thus substantially reducing power consumption. 

For a conventional clock tree, the clock skew is difficult 
to manage, and delay lines are commonly used to perform 
de-skew [1]. The delay lines consume extra power and the 
de-skew resolution is limited by the intrinsic inverter delay. 
The proposed skew calibration method provides a solution 
without such delay lines.  The clock skew between clk1 and 
clk2 is measured by a skew detector, which is implemented by 
a sigma-delta modulated time-to-digital converter 

(SDM-TDC) [3]. From the theory of injection pulling [4], the 
clock skew can be adjusted by altering the self-resonance 
frequency of DCO2 through the SCA code without disturbing 
the injection locking. 

An accuracy of the clock skew calibration is limited by a 
DCO tuning resolution of the SCA. To achieve clock skew 
better than 1ps, small capacitance in the atto-Farad range 
would be needed, which appears very difficult to implement 
and to match.   

Fig.2 shows a schematic of the proposed 
auto-transformer-based DCO. The inductor is split into three 
parts and two SCAs are used in the middle and at the end 
terminals. The CPVT SCA is used for coarse tuning, which 
compensates for the frequency variations due to PVT. The CSC 
SCA is used for fine tuning, which compensates for the clock 
skew. Assuming n<1, the transformer is modelled by three 
inductors and the equivalent inductance can be approximated 
as 

C
CLnLL SC

eq ""+= 2 , where, L is total inductor and C is total 

capacitance of CPVT SCA. The oscillation frequency is given 
as: 
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The CSC is shrunk n2 times. For example, assuming n=1/4 
in this design, the capacitor shrinking factor is 16 and so the 
frequency resolution is improved 16x. From the layout in Fig.2, 
the auto-transformer is implemented by two symmetric metal 
wires and the CPVT and CSC SCA are easily arranged without 
additional area, unlike in [5]. The conventional SHIL usually 
adopts a common-mode injector [2], which generates two 
eigen-value solutions for the output phase. The peak of 
injection pulse may align the oscillator output clock phases at 
0o or 180o as shown in Fig.2. This is unacceptable here since 
the injection signal is used to synchronize the distributed clock. 
To solve this, the proposed differential injectors provide the 
unique initial condition of clock phase.  Furthermore, the 
differential injection increases the injection power and 
suppresses even-order harmonics. The locking range is 
improved 6x, thus helping to overcome the PVT variations. 

A pulse generator must generate very narrow pulses for 
SHIL. In [2], the narrow pulse is created through delay cells. 
Unfortunately, degrading REF clock edges to delay the pulse 
not only adds significant noise but also makes it more sensitive 
to aggressors.  Fig.3 shows a proposed noise-free pulse 
generator in which the crystal oscillator (XO) slicer combines 
the programmable edge delay. The voltage offset $V, by 
adding extra offset-inducing transistors Mn4~0, gets converted 
to time offset $T through delaying the threshold detection of 
the sinusoidal waveform. This mechanism does not add any 
extra noise. The pulse width is controlled from 15 to 195ps 
with a 5-bit code.  
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Measurement Results 
The proposed SHILCO approach is verified on a 16nm 

FinFET CMOS die (Fig.7). Two distributed 4MHz~4GHz 
clocks are locally generated by two DCOs located 650um apart 
and each occupying 0.0175mm2. The SDM-TDC occupies 
0.0054mm2. Fig.4 shows measured jitter and phase noise. The 
integrated rms jitter is 87fs over 1kHz~62.5MHz offsets. The 
phase noise is improved 6.8 dB at 100kHz frequency offset 
thanks to the noise-free pulse generator. Fig.5 shows the 
measured phase shift with different DCO codes and the phase 
shift correlated to the SDM-TDC code. These curves are 
monotonic with slopes of 0.8ps/code and 12.3 codes/ps, 
respectively. The measured SDM-TDC timing resolution is 
0.08ps/code. The clock skew is less than 0.8ps after the skew 
calibration. The measured SCA resolution of fine frequency 
tuning is 100kHz at 4GHz. It is 16x finer than the coarse tuning 
resolution. Fig.6 shows clock skew measurements. The two 
SMA coaxial cables are calibrated to ensure that the phase 
delay is less than 1ps. The raw measured skew is 14.8ps when 
the two SHILCOs are locked to the REF clock, and the skew is 
improved to 0.67ps via the calibration. Fig.8 shows the FOM 
comparison with the published works. 

Table-I summarizes the complete SHILCO circuit 
performance. The total power consumption is 4.3mW, which 
includes 2mW for each DCO and 0.3mW for SDM-TDC. The 
integrated rms jitter is 87fs and the calculated FOM 
(jitter2!power) is -258dB. 
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Measurement Results 
The proposed SHILCO approach is verified on a 16nm 

FinFET CMOS die (Fig.7). Two distributed 4MHz~4GHz 
clocks are locally generated by two DCOs located 650um apart 
and each occupying 0.0175mm2. The SDM-TDC occupies 
0.0054mm2. Fig.4 shows measured jitter and phase noise. The 
integrated rms jitter is 87fs over 1kHz~62.5MHz offsets. The 
phase noise is improved 6.8 dB at 100kHz frequency offset 
thanks to the noise-free pulse generator. Fig.5 shows the 
measured phase shift with different DCO codes and the phase 
shift correlated to the SDM-TDC code. These curves are 
monotonic with slopes of 0.8ps/code and 12.3 codes/ps, 
respectively. The measured SDM-TDC timing resolution is 
0.08ps/code. The clock skew is less than 0.8ps after the skew 
calibration. The measured SCA resolution of fine frequency 
tuning is 100kHz at 4GHz. It is 16x finer than the coarse tuning 
resolution. Fig.6 shows clock skew measurements. The two 
SMA coaxial cables are calibrated to ensure that the phase 
delay is less than 1ps. The raw measured skew is 14.8ps when 
the two SHILCOs are locked to the REF clock, and the skew is 
improved to 0.67ps via the calibration. Fig.8 shows the FOM 
comparison with the published works. 

Table-I summarizes the complete SHILCO circuit 
performance. The total power consumption is 4.3mW, which 
includes 2mW for each DCO and 0.3mW for SDM-TDC. The 
integrated rms jitter is 87fs and the calculated FOM 
(jitter2!power) is -258dB. 
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and each occupying 0.0175mm2. The SDM-TDC occupies 
0.0054mm2. Fig.4 shows measured jitter and phase noise. The 
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20-ps Resolution Clock Distribution Network
for a Fast-Timing Single-Photon Detector

N. Egidos , R. Ballabriga , F. Bandi, M. Campbell , D. Gascón, S. Gómez ,

J. M. Fernández-Tenllado, X. Llopart, R. Manera, J. Mauricio , D. Sánchez , A. Sanmukh, and E. Santin

Abstract— The time resolution of active pixel sensors whose
timestamp mechanism is based on time-to-digital converters is
critically linked to the accuracy in the distribution of the master
clock signal that latches the timestamp values across the detector.
The clock distribution network (CDN) that delivers the master
clock signal must compensate process–voltage–temperature vari-
ations to reduce static time errors (skew) and minimize the power
supply bounce to prevent dynamic time errors (jitter). To achieve
sub-100-ps time resolution within pixel detectors and thus enable
a step forward in multiple imaging applications, the network
latencies must be adjusted in steps well below that value. Power
consumption must be kept as low as possible. In this work, a self-
regulated CDN that fulfills these requirements is presented for
the FastICpix single-photon detector aiming at a 65-nm process.
A 40-MHz master clock is distributed to 64 ! 64 pixels over an
area of 2.4 ! 2.4 cm2 using digital delay-locked loops, achieving
clock leaf skew below 20 ps with a power consumption of 26 mW.
Guidelines are provided to adapt the system to arbitrary chip
area and pixel pitch values, yielding a versatile design with very
fine time resolution.

Index Terms— Clock synchronization, delay-locked loop
(DLL), fast timing, phase detector (PD), random jitter, skew.

I. INTRODUCTION

ACTIVE pixel detectors with very fine time resolution are
an attractive alternative in a wide range of fast-timing

imaging systems, such as medical diagnosis with positron
emission tomography (PET), molecular studies with mass
spectrometry imaging (MSI), and particle tracking in high-
energy physics (HEP). There is a lot of active research aimed
at developing detectors with sub-100-ps time resolution, which
can enable millimetric spatial resolution and real-time image
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processing, enhance molecule discrimination, and time tag
an increasing number of particle collisions accurately, among
others [1]–[5].

In the readout electronics, a time-to-digital converter (TDC)
can be used per group of pixels to time stamp the parti-
cle arrival. TDCs are dispersed across the pixel matrix and
synchronized by means of a shared time reference (master
clock). This signal is delivered by means of a clock distribution
network (CDN).

Due to process, voltage, or temperature (PVT) variations,
the circuit elements that compose the CDN may have a
slightly different delay in the various branches. As a result
of these nonidealities, there is a static time error or skew in
the actual latencies or propagation delays from the source to
the TDCs. On top of this variability, the delays will also be
dynamically affected by perturbations in the supply voltage,
voltage droop, or temperature gradients during operation, and
due to noise coupled mainly from the power supply due to
the switching activity of the circuitry (a.k.a. power supply-
induced jitter or PSIJ). These effects manifest as jitter on the
clock edges. Jitter can also enter the CDN superimposed to
the clock source, as a result of the nonidealities of the clock
generator [6].

With the goal of an accurate clock distribution, which is
indispensable for a reliable timestamp, the CDN must include
mechanisms to self-regulate the latencies, so as to reduce
the impact of skew and jitter. In this work, such a CDN
is proposed for the FastICpix chip [7], [8]. This ATTRACT
phase-I-funded project consists of a reconfigurable single-
photon pixel detector that can be tailored in an area to different
applications by means of adaptable pixel pitch and front-end
signal summation, while providing a very fine single-photon
time resolution (SPTR). The target SPTR (10 psRMS) motivates
a 20-ps TDC time bin. To achieve this time resolution,
the latency of the CDN branches can be adjusted in steps finer
than 20 ps, so that the maximum time error in the timestamp
due to the CDN is ±1 TDC count. Since the CDN adapts to
the chip area and pixel pitch, the concept is also suitable for
other designs that pursue a comparable time resolution.

In this work, the CDN requirements and some architectural
alternatives are discussed in Section II. The selected archi-
tecture is described in Section III. Guidelines are provided to
scale the design to arbitrary chip area and pixel pitch values
in Section IV, and the main contributions to the time errors
are described in Section V. To reduce the impact of such

This work is licensed under a Creative Commons Attribution 4.0 License. For more information, see https://creativecommons.org/licenses/by/4.0/
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errors, a strategy to update the CDN latencies is described in
Section VI. The circuit simulated performance is summarized
in Section VII, followed by a discussion on the obtained
results.

II. TOWARD A PROPOSAL OF CDN ARCHITECTURE

The CDN architecture must fulfill these conditions:
1) Adaptability to chip area (area across which the CDN

spans) and pixel pitch (number of sinks or target TDCs).
2) Time error due to the CDN at each of its sinks lower

than the TDC time bin (20 ps). This implies that: a) the
total time error at each sink must be below 20 ps and b)
the latency must be adjustable in steps finer than 20 ps.

CDNs have traditionally exploited the network symmetries
to limit skew [9], [10]. However, open-loop strategies (trees,
meshes, spines, etc.) become insufficient to achieve the afore-
mentioned time errors in the envisaged large chip areas
(few cm2). A solution based on free-running, mutually coupled
oscillators distributed across the chip (the output of which
becomes the master clock delivered to the corresponding TDC)
has the potential to reduce both static and dynamic time errors
to the required margin [11]. However, the associated power
consumption may be a concern in the largest chip areas.
Alternatively, delay-locked loops (DLLs) can reduce skew in
a wide range of areas [13]–[15]. In some solutions, a local
control action is applied to compensate skew between adjacent
sinks, with the DLLs embedded into an H-tree or a mesh
structure [12]. This may result in area and power overhead
with respect to using a controller per branch. Besides, since
the individual control actions are not synchronized, a stable
latency from the clock source to the sinks cannot be guaranteed
across PVT corners. As a result, it cannot be ensured that the
clock will arrive distributed during one period to the different
sinks, which might lead to PSIJ; and the timestamp error asso-
ciated with the CDN can only be bound at a local level. These
nonidealities are prevented in the Timepix4 pixel detector [16]:
the CDN branches consist of digital DLLs (dDLLs) and local
clock trees to distribute a 40-MHz master clock across an
area of close to 7 cm2 with a skew in the order of 100 ps.
Digital low-pass filtering is used to reduce the impact of jitter.
The aforementioned alternatives are benchmarked in Table I
(see Appendix C for further details). The Timepix4 CDN has
been selected as a starting point for this work. The complexity
of scaling the CDN has been addressed by designing several
dDLL flavors, as it will be seen in Section IV. Besides the
low time errors, power consumption, and area overhead, this
solution features a stable latency from the clock source to the
sinks, which provides robustness to PVT variations in the TDC
timestamp measurement, and it ensures that the clock arrival
is distributed during one period, thus preventing PSIJ.

III. FASTICPIX CDN ARCHITECTURE

Fig. 1 shows the CDN structure for the largest envisaged
chip area (2.4 ! 2.4 cm2). The clock source is an external
reference; it is located at the center of the chip and distributed
to the CDN branches by means of a clock tree. The branches,
which consist of dDLLs, span across half the chip height and

TABLE I

BENCHMARK OF SEVERAL CDN CONFIGURATION ALTERNATIVES

Fig. 1. Sketch of the CDN structure for large chip areas.

are mirrored with respect to the opposite half. In small chip
areas, the clock source is located in a side periphery and the
branches span across the full chip height. An overview of the
dDLL structure is provided on the right of Fig. 1. It consists
of a phase detector (PD), a digitally controlled delay line
(DCDL) whose nominal delay is 1 master clock period, and a
controller (“Ctrl”) that provides the bits to regulate the DCDL
delay. In this figure, the DCDL includes 32 adjustable delay
buffers (ADBs), highlighted in blue, half of them guiding the
clock upward in a column of pixels (U0–U15), and the other
half driving it downward in an adjacent column of pixels
(D15–D0). The output of each ADB drives a local clock tree
to deliver the clock to a group of TDCs (four TDCs in this
case, although this number will depend on the pixel pitch).
The dDLL structure is shown in more detail in Fig. 2, and its
principle of operation will be explained next.

The PD compares the rising edge of the clock entering the
DCDL (ckin_up), which comes from the clock source, to the
rising edge at the output of the DCDL (ckout_down). A timing
diagram illustrating the operation of the PD is shown in Fig. 3.

If the output edge arrives earlier than the input edge (the
delay of the line is shorter than one master clock period),
then the up_or_downn output is set to 1 so that the controller
increases the delay of the line. In the case where the output
edge arrives later than the ckin_up edge, the up_or_downn
output is cleared to 0 to reduce the line delay. The time reso-
lution of the PD is "2 ADB LSB, and it changes accordingly
with PVT corners. Only if the separation between the input and
output edges is larger than ±1 ADB LSB, a pulse is generated
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TABLE II

GUIDELINES TO SCALE THE CDN WITH THE CHIP AREA

3) divergence in the value of fine control bits along the line
when lock is achieved, since the fine sections are regulated
independently. A useful figure to understand the impact of
skew is the integral nonlinearity (INL) of the DCDL when
lock is achieved, which is calculated as

INL(k) =
!

i=U1.k

DNL(i) (1)

DNL(k) = [l(k) ! l(k ! 1)] ! [li (k) ! li (k ! 1)]. (2)

With l being the actual latency, li the ideal latency, k, i the
indices representing the ADBs from U1 onward [17]. Note
that in this work, the INL will be expressed in time units
(picoseconds), and not normalized to the LSB.

The ideal latency is obtained when all stages introduce the
same delay (it represents the skew by design). Hence, the
INL provides the distance between the ideal and actual laten-
cies or, in other words, the static time error to be minimized.

With this purpose, the ADBs are carefully laid out to ensure
the physical symmetry between the stages that propagate the
clock upward in the column of pixels (U0, U1, . . .) and
those that propagate it downward (. . . D1, D0). And the
controller follows an algorithm to update the fine sections
in such an order that seeks to reduce the INL associated
with the divergence in the fine control bit values along the
line when lock is achieved. This algorithm will be explained
in Section VI.

Concerning dynamic time errors, the aim of this work is
to provide a budget for jitter, which is modeled by adding a
dynamic variation to the edges of ckin_up. The half period
of this signal changes as (ideal half period of the master
clock + random delay), where random delay is a random
magnitude with Gaussian distribution and zero mean. Different
values of standard deviation of this magnitude are considered,
to determine which is the largest variability for which the time
error target is still met. The highest total time error must be
bound to the TDC time bin

max(|INL(k)|) + 3! j < 20 ps (3)

Fig. 4. Overview of the PD architecture.

where max(|INL(k)|) represents the maximum of the absolute
value of the INL among all stages, and ! j is the standard
deviation of jitter. Since a Gaussian distribution is consid-
ered to model jitter, the variability is expected to be com-
prised within three standard deviations (three-sigma rule of
thumb [18]).

The presence of random jitter leads to the PD behavior
explained in Section V-B. This type of jitter is expected from
the clock source, due to supply and temperature variations,
and so on. The clock lines are shielded to prevent the injection
from (and to) other periodic signals, thus preventing periodic
jitter.

B. Time Errors in the PD

To understand the origin of the PD nonidealities,
an overview of its architecture (sketched in Fig. 4) will be pro-
vided first. A fully digital PD architecture has been selected,
which is the most suitable for the digital-on-top approach
followed for the dDLL implementation. The detection range
is ± half the master clock period [19]. Standard cell flip-
flops (FFs) sample the time difference between the input and
output clocks of the DCDL [16], [20], [21]. Since these signals
can have an arbitrary time difference depending on the delay
of the DCDL and jitter, there can occur setup-and-hold time
violations in such FFs, which could lead to a metastable
output. The propagation of a metastable signal is prevented by
adding a second FF in a row, which samples the output of the
first after a certain time, so that the metastable signal collapses
to a stable 0 or 1 (which of the two cannot be foreseen) [22].
This yields a 2-FF synchronizer [23], denoted by B3 and B4 in
Fig. 4. B3 is used to determine whether the delay of the
line should increase or decrease (up_or_downn_aux should
be 1 or 0, respectively).

B1 and B2 are the same fine delay cells used to compose
the fine section of the ADBs. The first introduces the smallest
available delay plus ADB LSB, while the second introduces
the smallest available delay. In practice, this means that an
artificial offset of ADB LSB is introduced between the inputs
of the 2-FF synchronizers denoted by B4. The purpose of this
offset is to define the ± ADB LSB target resolution window.
Using the same cells as in the ADB enables tracking the
variation of ADB LSB with the PVT corners.

Ideally, Fig. 4(a) will be 1 if ckout_down arrives later than
ckin_up by a time difference larger than ADB LSB, while
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Fig. 8. Start (S) and end (E) of the sensitivity window of the PD as a
function of the standard deviation of the jitter superimposed to ckin_up.

in steps finer than the TDC time bin (20 ps), and the master
clock period (25 ns) can be accommodated in the range of
available delays in all corners. The number of master clock
cycles required to lock from the time when an asynchronous
reset is applied is listed for different ! j values. The time
required to lock 1) increases when ! j is comparable to the
ADB LSB, because there is a more significant ringing in
up_or_downn_aux and thus the counter of the PD filter is
reset more often (more cycles need to be processed to generate
a pulse at clk_PD_ready); and 2) depends on the corner
according to the delay sweep performed by the controller: in
the fast corner, the sweep relies mainly on the coarse control
bits, while in the slow corner the controller sweeps mainly the
fine control bits, which is a slower operation.

The absolute value of the DCDL INL is represented for the
different corners in Fig. 7, for ! j = 3 ps. This result takes
into account the nonidealities in the implementation of the
dDLL (ADB layout imbalances, load effects in the interface
PD-DCDL, etc.) and the divergence in the fine control bit
values along the line. 3 ps is the largest standard deviation for
which the time error target defined in (3) is met in all corners:
the peak of the INL absolute value is at most 11 ps, which
leaves a room of 9 ps for jitter and other nonidealities.

B. Time Resolution of the PD

The time resolution of the PD is reported as the start and
end of the sensitivity window (point S and E in Fig. 5),
both before (S before, E before) and after the digital filter
(S after, E after), to evaluate its impact on the time perfor-
mance of the PD.

In Fig. 8, these variables are depicted a function of ! j for
the tree PVT corners considered. The horizontal, unbroken
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lines at the center represent the ideal start (S ideal) and end
(E ideal) of the sensitivity window (!ADB LSB and + ADB
LSB, respectively). The tilted lines in the top half of the image
are the linear fit of E before, while the tilted lines in the
bottom half of the image are the linear fit of S before. E before
and S before are shown with square, star, and dot markers,
the trend of which is illustrated with the linear fit. When ! j =
0 ps, the resolution window before the filter is dominated by
the setup-and-hold window of the FFs that sample the time
difference between the input and output clocks of the DCDL.
As ! j increases, the resolution window before the filter is
widened with a slope close to 3! j (as it was introduced in
Section V-A, this is the largest expected time deviation caused
by jitter). Due to the nonidealities of the PD and the jitter
superimposed to the input clock, the resolution window before
the filter clearly drifts apart from ±ADB LSB.

The tilted lines closer to the center of the figure are
the linear fit of E after. S after is not available from the
performed simulations; given the symmetry between E before
and S before, S after could be extrapolated as –E after. E after
can be approximated as E before/4, where the reduction factor
stands for the square root of the digital filter window, W = 16.
This is the smallest depth that yields the required sensitivity
window after the filter. With this configuration, the digital filter
provides a fourfold enhancement in the resolution with respect
to the sensitivity window before the filter, which enables
achieving the desired resolution of ±ADB LSB.

C. Power Consumption

Table VII shows the total dDLL power consumption, includ-
ing switching, leakage, and internal components. The highest
allowed ! j (3 ps) is reported. This result corresponds to a
simulation in which the dDLL is reset, let run until lock is
achieved and remains in lock for a few thousand cycles (the
same number of cycles is reported for the three corners).

Table VIII shows the estimated CDN power consumption
at the chip level for the different chip areas and 376-µm pixel
pitch. It is calculated from the values reported in Table VII,
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Fig. 8. Start (S) and end (E) of the sensitivity window of the PD as a
function of the standard deviation of the jitter superimposed to ckin_up.

in steps finer than the TDC time bin (20 ps), and the master
clock period (25 ns) can be accommodated in the range of
available delays in all corners. The number of master clock
cycles required to lock from the time when an asynchronous
reset is applied is listed for different ! j values. The time
required to lock 1) increases when ! j is comparable to the
ADB LSB, because there is a more significant ringing in
up_or_downn_aux and thus the counter of the PD filter is
reset more often (more cycles need to be processed to generate
a pulse at clk_PD_ready); and 2) depends on the corner
according to the delay sweep performed by the controller: in
the fast corner, the sweep relies mainly on the coarse control
bits, while in the slow corner the controller sweeps mainly the
fine control bits, which is a slower operation.

The absolute value of the DCDL INL is represented for the
different corners in Fig. 7, for ! j = 3 ps. This result takes
into account the nonidealities in the implementation of the
dDLL (ADB layout imbalances, load effects in the interface
PD-DCDL, etc.) and the divergence in the fine control bit
values along the line. 3 ps is the largest standard deviation for
which the time error target defined in (3) is met in all corners:
the peak of the INL absolute value is at most 11 ps, which
leaves a room of 9 ps for jitter and other nonidealities.

B. Time Resolution of the PD

The time resolution of the PD is reported as the start and
end of the sensitivity window (point S and E in Fig. 5),
both before (S before, E before) and after the digital filter
(S after, E after), to evaluate its impact on the time perfor-
mance of the PD.

In Fig. 8, these variables are depicted a function of ! j for
the tree PVT corners considered. The horizontal, unbroken
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lines at the center represent the ideal start (S ideal) and end
(E ideal) of the sensitivity window (!ADB LSB and + ADB
LSB, respectively). The tilted lines in the top half of the image
are the linear fit of E before, while the tilted lines in the
bottom half of the image are the linear fit of S before. E before
and S before are shown with square, star, and dot markers,
the trend of which is illustrated with the linear fit. When ! j =
0 ps, the resolution window before the filter is dominated by
the setup-and-hold window of the FFs that sample the time
difference between the input and output clocks of the DCDL.
As ! j increases, the resolution window before the filter is
widened with a slope close to 3! j (as it was introduced in
Section V-A, this is the largest expected time deviation caused
by jitter). Due to the nonidealities of the PD and the jitter
superimposed to the input clock, the resolution window before
the filter clearly drifts apart from ±ADB LSB.

The tilted lines closer to the center of the figure are
the linear fit of E after. S after is not available from the
performed simulations; given the symmetry between E before
and S before, S after could be extrapolated as –E after. E after
can be approximated as E before/4, where the reduction factor
stands for the square root of the digital filter window, W = 16.
This is the smallest depth that yields the required sensitivity
window after the filter. With this configuration, the digital filter
provides a fourfold enhancement in the resolution with respect
to the sensitivity window before the filter, which enables
achieving the desired resolution of ±ADB LSB.

C. Power Consumption

Table VII shows the total dDLL power consumption, includ-
ing switching, leakage, and internal components. The highest
allowed ! j (3 ps) is reported. This result corresponds to a
simulation in which the dDLL is reset, let run until lock is
achieved and remains in lock for a few thousand cycles (the
same number of cycles is reported for the three corners).

Table VIII shows the estimated CDN power consumption
at the chip level for the different chip areas and 376-µm pixel
pitch. It is calculated from the values reported in Table VII,
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Figure 3.49: Layout of a clock distribution for the 16⇥16 pixel cell matrix, each 1.3⇥1.3 mm2

size, using metal layer 6. The clock is distributed starting from the center of the south edge of
the chip to each of the 256 pixel elements through a four stage H-tree structure. The first stage
is located at the center of the chip. The clock signal frequency is 320 MHz with 10% rise and
fall time.

Figure 3.50: Internal clock signals at different stages. Top is the input clock signal, followed by
the signal at the input of the next four stages, and the bottom signal is the output at the final
destination.

3.3.8 Level-1 Buffer and data readout

Figure 3.51 shows the top level block diagram for data readout. At the bottom of the matrix
a frame builder block receives data from each column and sorts out and assembles data with

• From CMS MIP Timing detector TDR
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Figure 3.49: Layout of a clock distribution for the 16⇥16 pixel cell matrix, each 1.3⇥1.3 mm2

size, using metal layer 6. The clock is distributed starting from the center of the south edge of
the chip to each of the 256 pixel elements through a four stage H-tree structure. The first stage
is located at the center of the chip. The clock signal frequency is 320 MHz with 10% rise and
fall time.

Figure 3.50: Internal clock signals at different stages. Top is the input clock signal, followed by
the signal at the input of the next four stages, and the bottom signal is the output at the final
destination.

3.3.8 Level-1 Buffer and data readout

Figure 3.51 shows the top level block diagram for data readout. At the bottom of the matrix
a frame builder block receives data from each column and sorts out and assembles data with

• 320 MHz clock 
• Distributed to the full matrix 
• 17 ps skew 
• 21 mW power
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